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Abstract 
 
 

This work explores time to digital conversion techniques, designs and applications for time 

domain signal processing. Though the time-to-digital conversion devices and integrated circuits 

(IC) have been invented for decades, recent designs have been revolutionized with the 

advancements in deep sub-micron CMOS processes. Many of the performance limitations 

highlighted in early literature, such as the transition speed and power consumption of the 

transistors, no longer apply to designs in modern IC processes. Two time-to-digital converter (TDC) 

designs with spiral comparator arrangement, ΔΣ modulations (SDMs) and ring structure are 

proposed in this dissertation to offer pico-second (ps) level temporal resolution with wide 

detectable range, ultra linear transfer function and low power consumption. With the aid of high 

performance TDCs, an all-digital phase-locked-loop (ADPLL) with automatic TDC linearization 

is presented to prove the fading gap between digital PLL and analog PLL. The proposed ADPLL 

achieves an in-band phase noise of -107 dBc/Hz and a highest close in fractional spur level of -55 

dBc. Owing to pico-second and even sub-pico-second time interval detectability, TDCs pave the 

ways for the time domain signal processing towards many different potential research directions. 

Two communication system related time domain signal processing applications: TDC based digital 

super-regenerative bidirectional IoT node and hybrid time assist data convertor for direct radio 

frequency (RF) polar receiver system, are included in this work.  
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1.1  The Motivation of Time Information Extraction 

Time, a unique presence, has been related to the three-dimensional geometry of the universe 

by philosophers in Ancient Greece. The link between time and space has been approved in 

scientific way in 1905 by Albert Einstein. Acts as a distinct dimension, time gradually affects 

human life and restores information in its own way. 

We have begun to measure time since human appearance on the Earth. And it always acts a 

crucial role in the understanding of nature from the earliest times till today. Starting with sun, sand 

or water driven devices we are able to use temporal measurement equipment now, based on the 

most sophisticated cesium resonators. 

A quartz clock or a stop watch is capable and adequate for normal human activities for a long 

period in the history. However, when it comes to the 21st century and stands on the edge of 

transitioning from the 4th generation (4G) to 5th generation (5G) wireless communication system 

evolution and deployment of internet-of-things (IoT) network, integrated circuit (IC) designers are 

seeking much more accurate time measurement solutions. To overcome the unprecedented 

challenges of high throughput data stream demands and portable or wearable capability in 5G and 

IoT system requires seeing things differently. Utilizing the time information in IC designs gives 

us another degree of freedom that can help us cross the obstacle through a different dimension. 

Chapter 1  Introduction 
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1.2  The Influence of the Advanced Deep Submicron Silicon 

Technology on Time Interval Measurement 

Micro-electronics design, especially time related circuits is relied on technology process 

exceedingly. The first integrated circuit was implemented back in 1958 [1]-[3]. Some widely used 

electronic circuits, such as analog-to-digital converters (ADCs) [4] and phase-locked loops (PLLs) 

[5], [6], have been transformed on solid state shortly after the first IC was invented. However, the 

time domain related circuits, for instance time-to-digital converters (TDCs) and digital-to-time 

converters (DTCs), can barely be found until late 1980s [7], [8]. 

Unlike analog circuits, which deal with information in voltage domain, the time-based signal 

processing circuits is depending on the switching speed of transistors, because the information is 

stored in the time interval between certain events. Back to the times when only large feature size 

processes were available, alternative approaches were invited to deal with the information 

imbedded in time domain. The time signal extraction was leveraging analog-to-digital conversion 

techniques with large capacitors, which convert time interval into voltage domain. As a 

cumbersome passive component, capacitor is sometimes too large to integrate on micro-chips, for 

example the capacitors in analog PLL’s loop filter and the sampling capacitors in ADC designs. 

The performance of analog circuit relies not on the speed of circuit transitions but fairly on the 

shape of the transistor characteristic. Different from digital circuits, technology scaling degrades 

those characteristics and leads to deteriorated intrinsic gain and output resistance.  

From some perspective, time domain signal processing is more similar to digital building 

blocks, which take full advantage of reduced transistor dimensions in terms of transition speed, 
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area, and power consumption. Moreover, the fast switching transitions reduce the susceptibility to 

noise, especially transistor’s flicker noise. After the process gradually reduced to below 100 nm 

and reached the realm of so called deep submicron, the benefit of time domain signal processing 

finally emerged. The reduction of the gate delay results in unceasingly improving temporal 

resolution which is exactly the opposite to the amplitude resolution due to the reduced voltage 

supply in deep submicron technology [9]. The resolution of the direct time interval measurement 

using TDC is able to reach several pico-second (ps) or even femto-second (fs) level [10]-[12]. 

Engineers begin to maneuver the design flow back to straight exploit time information. Converting 

time into analog domain and using ADC for digitization is no longer a reasonable approach. Some 

ADC designers are even seeking alternative ADC architectures by using TDCs [13]-[15]. And 

equipped with pico-second level TDC, ADPLLs are now able to substitute traditional analog in 

many different circumstances [16]-[19]. 

There are definitely drawbacks in small feature size process such as the degradation of power 

supply rejection, increased leakage current and complicated layout design procedure. Still, the 

advantages are overwhelming and suggest us to pay more attention to time domain. Very often the 

time domain signal processing and time to digital implementations cause a one-time, area, power, 

and design complexity overhead. The new functionality and performance improvement will 

rationalize this extra expense. Moreover, those expense will gradually vanish in advanced 

technology generations, and the full advantage of the increased performance as well as the new 

functionality will pay off within one or two generations. 
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Fig. 1.1 Generic on-chip time domain signal processing system. 

1.3  Time Domain Mixed Signal Processing Applications 

Time-to-digital converter together with digital-to-time converter play a critical role in time 

domain signal processing as depicted in Fig. 1.1. The purpose of these two modules are similar to 

the ADC and DAC in conventional voltage domain operation circuits, which both transfer analog 

physical quantities into digital domain signals. TDC itself is a hot topic in nowadays integrated 

circuit design field. And its derivatives are pouring out due to the technology shrinking and fed 

into various applications in IC industry. 

Mostly, TDC is linked with all-digital PLL (ADPLL) frequency synthesizers where TDC 

serves as a phase detector [20]-[23]. Phase-locked loop (PLL) is widely employed in many 

integrated systems such as wireline, wireless communications and microprocessors. It is used for 

system clock generation, frequency synthesis, data recovery, duty-cycle enhancement, etc. With 

the aid of TDC, the ADPLL gains the extra ability to adjust loop parameters, such as loop 

bandwidth and response time, adaptively and automatically [24]. Furthermore, due to the credit of 
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high performance TDC, some novel concepts like direct phase modulation through PLL comes to 

reality [25]-[27]. 

While the ADPLL is likely the most popular TDC application others arise rapidly. At 

beginning, analog-to-digital converters are adopted for extracting the information embedded in 

time domain. However, a subtle turnaround is taking place right now. With the developing of 

semiconductor technology, the switching speed of the transistors become much faster than ever. 

The time domain signal processing, especially TDC, takes the full advantage of the technology 

shrinking and results in a low power, low cost, and high-performance solution. Meanwhile, the 

space for traditional analog-to-digital conversion is shriveling gradually, owing to the reduced 

power supply in deep sub-micron process. Converting voltage signal back into time domain 

provides designers a brand new way to solve the problems. 
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Fig. 1.2 8-PSK modulation and 16-QAM modulation constellations. 
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Together with the blooming of the individual electronic device market, wireless 

communication becomes one of the biggest branches in integrated circuit industry. Within all kinds 

of digital communication protocols, phase modulation is the most adoptive schemes. The vast 

majority of commercial protocols, such as Wi-Fi, Bluetooth, 3G, 4G and even 5G, are using phase 

related modulations like phase-shift keying (PSK) or quadrature amplitude modulation (QAM). 

Information in those kinds of modulation is encoded in or partial in separated phases as shown in 

Fig. 1.2. And we know that phase is essentially time domain signal in a certain frequency. Apply 

time domain signal processing techniques on wireless communication is able to partially remove 

the burden on analog domain and relief the design complicity of some of the modules in wireless 

transceivers, such as the power amplifier (PA) on transmitter side and the ADC on receiver side. 

Terahertz (THz) wireless communication is another field attracting great interests and is 

expected to meet the ever-increasing demand for high-throughput data streams [28]-[30]. TDC is 

able to find its usefulness in this area as well. Low power digitized super-regenerative terahertz 

wireless receiver is one of the successful cases that demonstrates the combination of these two 

technologies [31]. TDC’s potential also shows in some emerging areas, such as internet-of-things 

(IoT) and machine learning based artificial intelligence (AI). Planted into sensor nodes in the IoT 

network, TDC is able to assist the network planning the activation timing and duration, which 

directly affect the lifespan and accuracy of each IoT node. 

Speaking with artificial intelligence, one of the biggest challenges in machine deep neural 

networks is limited memory resources. The restricted memory volume and bandwidth has already 

become a significant obstacle lying in the path of AI developing progress. However, even lower 

organisms, with only few hundreds of neural cells, have some basic learning and memory 
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behaviors. Thus, from this point of view, the actual bottleneck is not the memory limitation, but is 

the way how the limited memory is being used. Scientists are trying hard to investigate and mimic 

the learning mechanism in human brains. A mechanism, called long short-term memory, is 

believed as a crucial part for memory saving. And the judgement of the long short-term is based 

on time domain where the time domain signal processing can be utilized. Furthermore, most of the 

classic computer architectures and digital circuits are synchronized system nowadays. Memory is 

occupied and released synchronizing with a centralized clock, which is straight forward and easy 

to implement, but inefficient and uneconomic. Conversely, our brain is not an asynchronized 

system. There is no such an organ working as a clock generator in our brain obviously. 

Autonomous learning ability and memorization process are related to time sequence triggered 

asynchronized events. Hence, we can see that the usefulness of time domain signal processing can 

also be found in artificial intelligence architecture improvement. 

1.4  Organization of Dissertation 

This dissertation focuses on time-to-digital conversion based signal processing techniques. 

The advantage and importance of the time domain signal representation are emphasized above in 

this chapter. Chapter 2 introduces some basis information of time-to digital converter circuit, the 

key module in time domain processing. The history of TDC development and evolution has been 

presented. And prior TDC architectures are listed and summarized. 

In Chapter 3, several advanced TDC performance improvement techniques dealing with 

different TDC parameters, such as linearity, detection range, and power consumption are presented 

and discussed individually. Two state-of-the-art TDC designs are explored. One is targeted for 
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linearity improvement with reduced power consumption. The other one is focused on detection 

range expansion. 

Three different applications utilizing TDC and time domain signal processing concept are 

presented and analyzed in the following chapters. The relationship between TDC linearity and the 

spur performance in ADPLL is revealed in Chapter 4. A super-regenerative terahertz wireless 

communication system utilizing TDC based digitization techniques is provided in Chapter 5. And 

Chapter 6 gives a new approach to demodulate quadrature amplitude modulation (QAM) signals 

in wireless communication system. Theoretical analysis, system and circuit level simulation, as 

well as silicon-based prototype measurement results are available in corresponding chapters. 

Finally, the dissertation concludes in Chapter 7 with future research topics suggested. 
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2.1  Introduction 

As shown in Fig. 1.1, normally, the information embedded in time domain can only be utilized 

after converting into digital data. The first direct TDC predecessor was invented for the 

measurement of theoretical physics experiment in the year 1942 by Bruno Rossi. Due to the 

technology limitation, it was using capacitor for time interval to voltage domain transformation. 

The corresponding voltage is then converted to digital bits with other analog-to-digital devices 

[32]. Transistor based time-to-digital equipment was invented in 1970s. A universal time interval 

counter, shown in Fig. 2.1, was delivered by Hewlett-Packard (HP) in 1978. By adopting Vernier 

concept, 20-ps resolution was achieved with ±10 seconds range and frequency up to 100 MHz. 

However, the appearance of silicon based integrated TDC was postponed till late 1980s by 

excessive timing requirements of the technology process [7], [8], [33]. While some fundamental 

concepts (like Vernier mechanism (Pierre Vernier 1584-1638) [34], [35] and time stretching or 

amplifying [36]) of dividing time into measurable intervals are still up-to-date, the implementation 

changed tremendously during the past few decades. Starting with vacuum tubes those ideas are 

now implemented in complementary metal-oxide-semiconductor (CMOS) with deep sub-micro 

technologies. 

Chapter 2  Time Domain Information Digitization 

Techniques 



10 
 

 

Fig. 2.1 HP 5370A universal time interval counter with 20-ps resolution, 10 seconds range and 
frequency up to 100 MHz. 

This chapter introduces some basis information about the time-to digital converter. 

Frequently used TDC performance indicators are listed and explained. Commonly adopted TDC 

architectures are presented and evaluated in the following paragraphs as well. Their performance 

strengths and weaknesses are analyzed and compared. 

2.2  Time-to-Digital Converter Key Specifications 

Both TDC and ADC are data converters that convert analog physical quantities into digital 

domain. Generally, most of the terms can be directly borrowed from ADC designs for TDC 

characterizations. Although engineers are using common terms to describe those converters, the 

way designers specify the performance of TDCs in data sheets is sometimes confusing for people 

even inside this area. Still, to fully understand those data converters, it's necessary to recognize the 

specifications. The following paragraphs will list and explain the specifications commonly 

appeared in papers and data sheets that describe the performance of TDCs. 



11 
 

2.2.1 Basic Structural Parameters 

2.2.1.1 Resolution 

Resolution is the most elementary parameter in TDC designs and should be finalized in the 

first place to meet the system requirement. It represents the finest detectability that the TDC can 

reach, which is around 1-ps with currently COMS process technology. A finite resolution causes 

quantization noise, which directly affects ADPLL’s in-band phase noise, one of the crucial 

performance indicator of ADPLL designs. The relationship between TDC resolution and ADPLL 

in-band phase noise will be covered in the following chapters. 

2.2.1.2 Detectable Range (Number of Bit) 

Detectable range is a parameter to determine the maximum time interval that a TDC can 

measure. It is linked to ADPLL performance likewise. An appropriate detectable range balances 

ADPLLs locking time, lock accuracy and total power consumption. The detectable range 

sometimes can also be expressed as number-of-bit (NoB), which is commonly used in ADC 

applications. As the resolution of a TDC has been preset in advance, the detectable rang can be 

calculated as resolution×2NoB. Contrariwise, the NoB normally implies ADC’s resolution, since 

the input range a ADC can handle is limited by its power supply voltage, which is only 

approximately 1-volt in today’s deep sub-micron CMOS technology. Consequently, A larger NoB 

ADC indicates finer resolution performance. 

2.2.2 Performance Characteristics 

As a data converter, a linear conversion is desired in TDC designs. However, the TDC 

measurement deviation from the ideal is inevitable due to process-voltage-temperature (PVT) 
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variations, mismatches in the manufacturing process common to all integrated circuits (ICs), and 

through various sources of inaccuracy during the conversion between an analog time input to 

digital output codes. The TDC performance specifications will quantify the nonlinearity caused by 

the TDC itself. 

The linearity specifications are generally divided into two categories: DC accuracy and 

dynamic performance. TDCs are used to measure a relatively static time interval signal (for 

instance, a situation in an integer-N ADPLL) or a dynamic signal (such as processing in a 

fractional-N ADPLL or in direct digital phase modulation loop). The application determines which 

specifications the designer will consider the most important. 

2.2.2.1 DC Accuracy 

The specifications of TDCs describing DC accuracy are gain error, offset error, differential 

nonlinearity (DNL), and integral nonlinearity (INL). These four specifications shape a complete 

description of TDCs’ DC accuracy. 

Ou
tpu

t D
igi

tal
 C

od
es

0
Input Time Interval (× resolution) 

1 2 3 4 5 6 7
000

001

010

011

100

101

 

Fig. 2.2 Ideal transfer function of a TDC. 
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• Transfer Function 

The transfer function or transfer curve of a TDC is a plot of the measured time interval versus 

the digital code's output by the TDC. Such a plot is a sequence of discrete 2NoB codes, where NoB 

represents TDC’s detectable range. An ideal transfer function for a 3-bit detectable range TDC is 

depicted in Fig. 2.2. 

• Gain Error 

Gain error describes the difference between the ideal code transition from code zero to the 

highest output code and the actual measured transition from code zero to the highest output code. 

This can also be observed as a drift in slope of the transfer function line as shown in Fig. 2.3. 
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Fig. 2.3 Gain error in TDC transfer function. 

• Offset Error 

An ideal transfer function line intersects the origin of the plot. The first code transition 

boundary occurs at 1/2 least-significant-bit (LSB) as shown in Fig. 2.2. When offset error exists, 
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a left or right shifting of the entire transfer function along the input time interval axis can be 

observed, as shown in Fig. 2.4. 
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Fig. 2.4 Offset error in TDC transfer function. 
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Fig. 2.5 DNL in TDC transfer function. 

• DNL 

Under ideal conditions, each step size on a TDC's transfer function curve should be uniform 

in width and is equal to the TDC resolution. Deviation of each step size from the TDC resolution 
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is considered as differential nonlinearity (DNL), expressed in LSBs. This can be observed as 

unevenly distributed step size in the transfer curve. In Fig. 2.5, a selected digital output code width 

is shown as larger than the previous code's step size. This difference is DNL error. DNL is 

calculated as shown in Equation (5.2). 

 DNL= 
(Tn+1-Tn)

ResolutionTDC
 (2.1)  

• INL 

The integral nonlinearity (INL) is the deviation of a TDC’s transfer function from a straight 

line, which connects the highest and lowest data points and can be treat as an ideal transfer curve 

with infinite resolution, as shown in Fig. 2.6. INL error is depicted as the difference between the 

ideal time interval lengths at which code transitions occur and the actual input time interval. DNL 

is related to INL, which INL error at any given time interval in TDC transfer function is the total 

summation of all DNL errors of all previous TDC codes. INL can be observed as the deviation 

from a straight-line transfer function, as shown in Fig. 2.6. 
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Fig. 2.6 INL in TDC transfer function. 
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2.2.2.2 Dynamic performance 

Data converter’s dynamic performance is normally analyzed in frequency domain and is 

typically calculated by performing a function of fast Fourier transform (FFT) on the output codes 

of the TDC. In Fig. 2.7, the fundamental frequency is the input signal frequency. This is the signal 

measured with the TDC. The rest of spectrum energy is considered as unwanted signals, including 

all kinds of noise and harmonic distortion. Signal distortion is mainly caused by the nonlinearity 

in conversion transfer function curve. Therefore, INL and DNL will affect the dynamic 

performance of an TDC. 
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Fig. 2.7 Spectrum plot quantization noise floor for a 14-bit data converter (16384-point FFT). 

• Signal-to-Noise Ratio (SNR) 

The signal-to-noise ratio (SNR) is the ratio of the input signal power to the noise power 

(excluding harmonic distortion), expressed in decibels (dB), as shown in Equation (2.2). 
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 SNR(dB) = 10log10 �
Psignal

Pnoise
� (2.2)  

where Psignal is the power of the signal, and Pnoise is the power of noise. It is a comparison of the 

noise to be expected with respect to the input signal. Theoretically, the noise contributor in TDC 

is only quantization noise, which determined by TDC resolution and can be directly calculated.  

The temporal quantum size A𝑞𝑞 is TDC’s resolution or one LSB 

 Aq = 
Detectable  Range

2NoB = 1 LSB (2.3)  

Finite temporal resolution introduces a quantization error between the analog input time interval 

and the reconstructed output signal. Assuming the quantization error is evenly distributed over the 

converted code from −1/2 LSB to +1/2 LSB, the expectation value of the error amplitude can be 

expressed as 

  E{ϵ2}=
1
Aq
� ϵ2dϵ

+1
2Aq

-12Aq

=
1
Aq
�
ϵ2

3
�

-12Aq

+1
2Aq

=
Aq

2

12
 (2.4)  

This quantization noise is uncorrelated in the entire frequency band. By using this result, the 

maximum theoretical SNR can be calculated. The root-mean-square (rms) value of a full-scale 

input time interval is 

 Arms = 
2NoBAq

2√2
 (2.5)  

Thus, the theoretical SNR is 

 SNR(dB) = 10log10 �
Arms

2

E{ϵ2}�= 10log10 �
3
2

22NoB�= 6.02NoB+1.76 (2.6)  
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• Signal-to-Noise and Distortion Ratio (SNDR) 

Nonlinearity in the data converter results in harmonic distortion when analyzed in the 

frequency domain. Such distortion is observed as spurious tone or spur in the FFT at harmonics of 

the measured signal as illustrated in Fig. 2.7. 

Signal-to-noise and distortion ratio (SNDR or SINAD) offers a more comprehensive picture 

by including the noise and harmonic distortion together. It can be calculated using Equation (2.7). 

 SNDR(dB) = 10log10 �
A1

2

A2
2+A3

2+…+An
2+Anoise

2� (2.7)  

where A1 is the amplitude of the fundamental, and An is the amplitude of the n-th harmonic tone. 

For an M-point FFT result, if the fundamental is in frequency bin m (with amplitude of Am), the 

SNDR can be obtained from the FFT result as 

 SNDR(dB) = 10log10 �Am
2 ��Ak

2
m-1

k=1

+ � Ak
2

M/2

k=m+1

�

-1

� (2.8)  

To avoid any spectral leakage around the fundamental tone, often several bins around the 

fundamental are ignored. Effective-Number-of-Bits (ENoB) is simply the signal-to-noise-and-

distortion ratio expressed in bits rather than decibels by solving the “ideal SNR” Equation (2.6) as 

 ENoB = 
SNDR - 1.76 dB

6.02 dB/bit
 (2.9)  

In the presentation of measured results, ENoB is identical to SNDR, with a change in the scaling 

of the vertical axis. 
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• Spurious-Free Dynamic Range (SFDR) 

Spurious-free dynamic range (SFDR) is the difference between the power of the fundamental 

tone and its peak harmonic component or peak of the highest spurious tone in dB numbers. 

Spurious tones are generated at harmonics of the input signal due to the nonlinear conversion 

transfer function, or at sub-harmonics of the sampling frequency due to mismatch or clock on-chip 

coupling. 

2.3  TDC Design Architectures 

Similar to ADCs, various types of TDC architectures are developed, with differing 

resolutions, detectable range, linearity, conversion speed, bandwidths, design complexity, power 

consumptions, and other economic concerns. to fulfill a broad range of time conversion application 

requirements. 

2.3.1 Counter Based TDC 

In the time when deep sub-micron CMOS technologies were not available, two types of TDC, 

counter-based and ADC-based, were commonly used and considered as the first generation TDCs. 

If high resolution is not required, usually larger than 1 ns, then a counter based TDC is adequate 

for making the conversion. The TDC is simply a high-frequency counter that increments every 

clock cycle. The implementation of this type is straightforward with two basic building blocks, a 

frequency generator and a counter. The counter is controlled by an enabler, which triggered by 

input signal. The current contents of the counter represent the input time interval. With this 

approach, the measurement is an integer number of clock cycles. Thus, the measurement is 

restricted by the clock period, which for instance a 1 ns temporal resolution requires a clock 
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frequency equals to 1 GHz. Finer resolution can only be achieved with faster clock provided by 

the frequency generator. And the accuracy of the measurement depends on the purity of the 

generated frequency. 

A PLL based frequency synthesizer is commonly adopted owing to its ability to produce high 

frequency around several giga-hertz with great stability. Although terra-hertz PLLs have been 

invented recently [37]-[39], which means pico-second resolution is realizable, the power 

consumption of the PLL and the counter operating at such high frequency disqualifies this 

approach for sub-nanosecond TDC applications. 

2.3.2 Analog-to-Digital Conversion Based TDC 

ADC based time interval measurement is another approach during the CMOS technological 

underdevelopment period. By utilizing advanced techniques available in ADC area, such as sigma-

delta modulation (SDM), successive-approximation register (SAR), etc., this type of TDC achieves 

much finer resolution even with large feature size technologies [32], [40], [41]. 

This type of TDCs also consists of two major building blocks, an integrator and an ADC. The 

integrator is normally built with a capacitor and a constant current source. Firstly, the capacitor is 

charged by the current source during the measured time interval and convert the time interval into 

a voltage level. In a second step the converted voltage is digitized by an ADC. A basic building 

diagram is presented in Fig. 2.8. 

Although pico-second level resolution is achievable owing to well-developed ADC 

techniques, the TDC performance degrades by several practical issues. Primarily, the time to 

voltage conversion has to meet the linearity demand of the overall TDC. The integrator used in 
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TDC is similar to a charge-pump, which a current source is connected to a capacitor during the 

measurement time interval. However, output resistance of the current source is limited especially 

in deep sub-micron technology and leads to a linearity performance. This issue could be partially 

neutralized by employing an operational amplifier (op-amp) based active integrator. Still, the 

congenital deficiency of the op-amp bandwidth greatly reduces the conversion speed of the TDC. 
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Fig. 2.8 Block diagram of basic ADC based time-to-digital converter. 
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Fig. 2.9 Block diagram of basic flash time-to-digital converter. 
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2.3.3 Flash (Single Delay Line) TDC 

Other solutions exist to shrink the TDC resolution beyond the lower bound set by the 

minimum feasible clock period [42]. Asynchronized uniformly distributed sub-period clock phases 

can be generated with a tapped delay line as shown in Fig. 2.9. 

The resolution of a delay line TDC is therefore determined by the propagation delay of a 

single delay cell. The delay cells in the delay chain are usually build with one CMOS inverter or a 

pair of inverters and the resolution is limited to few tens of pico-seconds with current technology. 

The TDC detectable range is the product of the number of delay cells and the resolution. This TDC 

structure is widely adopted in various applications due to its simple structure and low latency as 

the output is immediately available by the end of input time interval. While, just like the flash 

ADC, the number of elements, delay cells and comparators, grows exponentially when the 

number-of-bits increases. Additionally, mismatch between the delay cells and between the 

comparators directly affect the linearity performance of the TDC. The variation in propagation 

delay accumulates along the delay chain. Thus, the jitter of the propagating signal will increase 

towards the end of the delay line. 

2.3.4 Vernier Delay Line TDC 

The lower limit resolution that flash TDC can reach is limited by the minimum gate delay, 

normally higher than 20 ps even with most advanced technology. While, the requirement set by 

ADPLL’s in-band phase noise is within 10 ps. To further improve resolution, Vernier mechanism 

is therefore adopted, which reveals a way to achieve sub-gate-delay resolution [34], [35]. 
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Fig. 2.10 Block diagram of basic Vernier delay line time-to-digital converter. 

As shown in Fig. 2.10, it consists of two delay lines with slightly difference in time delay. 

The start signal is assigned to the line with larger delay, slow delay line, and the stop signal is 

assigned to the other delay line. During the measurement, the propagation of the stop signal is 

relatively faster and catch up with the start signal eventually after passing a certain number of 

delay cells. The resolution of a TDC based on the Vernier delay line is the delay difference of the 

unit delay cell in each delay chains. Therefore, a high resolution independent to the gate-delay can 

be implemented. 

Compared to the Flash TDC, the latency in Vernier delay line TDC is greatly increased and 

is equal to the time that two signals catch up with each other. Consequently, for a given full scale 

range, the length of the delay lines in Vernier TDC is the quotient of the maximum input time 

interval divided by the TDC resolution. Since the Vernier TDC resolution is normally much 

smaller than the gate-delay, the total length can be considerably greater than the Flash TDC. 

Essentially, the Vernier delay line TDC trades the resolution with hardware cost, power 

consumption, conversion rate, as well as overall linearity performance. 
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2.3.5 Oversampling Gated Ring Oscillator (GRO) TDC 

Counter based TDC is also possible to achieve the sub-gate delay resolution with the aid of 

ring oscillator structure and the oversampling effect. Instead of generating only one signal, the ring 

oscillator is able to produce a bunch of phases evenly distributed in one oscillation period. And 

the temporal difference between each phase is equal to the time delay of the unit delay cells in the 

ring. The further resolution reduction is accomplished with the effect of oversampling mechanism 

[43]-[45]. According to oversampling principle, if the signal has been converted for total 22n times, 

the combined 22n consecutive m-bit samples can effectively add n bits and form an overall (n+m)-

bit conversion result, namely 2n times resolution improvement. 
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Fig. 2.11 Block diagram of GRO based TDC. 

In addition to oversampling, noise shaping technique can further improves the TDC 

resolution. During the 22n times of oversampling measurement, if the quantization residue left in 
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the previous measurement cycle is preserved and carried to the next cycle, then the first order noise 

shaping effect can be observed in frequency domain. The quantization residue store technique is 

embedded in the gated-ring-oscillator TDC [46]. As shown in Fig. 2.10, the delay elements in the 

ring is controlled by an enable signal generated according to the input time interval. When a 

measurement is finished, the system disables the oscillation and freezes the phases in the ring, 

which represent the quantization residue of the current measurement state. By the time the next 

measurement begins, the oscillation is starting from the previous state phases and the quantization 

residue is accumulated. 

With the first order noise shaping and oversampling, the quantization noise at low frequencies 

is shaped to high frequency band. As high frequency components are filtered, the GRO TDC is 

able to achieve a temporal resolution even reach a level below 1-ps. However, it is important to 

point out that this improved resolution is not achieved for a single measurement but for multiple 

averaged samples. As a result, the high effective resolution is not improved in a single shot 

measurement, but only achieved with a large oversample ratio and after filtering the results. 

Consequently, the actual conversion bandwidth of this kind TDC is limited to only a few 

megahertz, which is similar to the SDM ADCs. Another drawback of GRO TDC is caused by 

leakage currents. The preserved phases between each state are stored as charge on capacitors in 

the delay cells. The discharge during the stop time is inevitable, especially in deep sub-micron 

technologies [47]. 

2.3.6 Time Amplifier TDC 

Another technique to accomplish the sub-gate delay resolution is by employing the time 

amplifier [36], [48], [49]. Both served as data conversion modules, many technologies developed 
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for the ADCs are transplantable to the TDCs. It can be found that some of the ideals and 

architectures in both field are identical. Voltage amplifiers are commonly seen in ADC designs, 

especially in pipeline ADCs. The decision residue voltage from the previous stage is amplified and 

sent to the next stage. Due to the amplification, the burden on comparators are greatly alleviated. 

The comparison then amplification cycle can last until reaches the noise floor. 
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Fig. 2.12 SR-latch based time amplifier and its time domain gain characteristic. 

A linear amplifier with large dynamic range is easy to implement in voltage domain. While, 

it is very challenge when comes to time domain. A SR latch-based time amplifier is depicted in 

Fig. 2.12. By following this approach, excellent resolution performance is reachable. However, 

the detectable range is limited due to the narrow dynamic range of the time amplifier [50]. 

2.4  Conclusions 

The TDC evolving history is introduced at beginning of the chapter. Basic knowledge and 

design specifications, such as resolution, detectable rang, INL, and DNL, are clarified and listed 
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for reference. The relationship between TDC transfer function linearity and dynamic performance 

is explained. 

Several commonly used TDC architectures are explained in detail and analyzed with respect 

to resolution, detectable range, linearity performance, and power consumption. Although counter 

based TDC and flash TDC can be easily implemented and has high conversion speed, their 

resolutions are limited by clock frequency and the gate-delay respectively. ADC-based TDCs 

improves resolution, while its linearity is determined by the time-to-analog conversion. Vernier 

TDC formed by two delay chains with slightly different delays can achieve sub-gate delay 

resolution with improved linearity. However, its detectable range and conversion rate are limited 

due to the reduced conversion step size. Consequently, a large number of delay stages are needed 

to cover the detection range, resulting in high power consumption. Gated-ring-oscillator TDC 

achieves fine resolution with large range, while its nonlinearity is a drawback due to the device 

leakage issue. Time amplifier TDC can achieve fine-time resolution and high conversion rate, yet 

it suffers from limited detection range. 

With different criteria, TDCs can be grouped into several categories, such as counter based 

or gate-delay based TDCs, Nyquist or oversampling TDCs, gated-delay or sub-gated-delay TDCs, 

and indirect conversion or direct conversion TDCs. However, unlike ADC designs, the boundaries 

among those TDC categories are ambiguous. Considering architectures, for some applications with 

relatively low requirement just about any architecture could work well; for others, there is a “best 

choice”, regarding to one or several specific needs. In some cases, the choice is simple because 

there is a clear-cut advantage to using one architecture over another. 
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3.1  Introduction 

As CMOS processes keep scaling down in modern deep sub-micron technologies, digital 

phase locked loop (DPLL) [51]-[53] becomes more prospective than their analog counter parts 

[54]-[57] due to its capability of programming the loop parameters on the fly, performing direct 

digital modulations through the PLL, calibrating the loop for superior linearity performance and 

its scalability with technology migration. In DPLL designs, time-to-digital converter (TDC) is one 

of the key building blocks [58], which directly affects the in-band phase noise and fractional 

spurious level [59]. The in-band phase noise of a DPLL is related to the TDC quantized resolution 

as 

 ℒ = 
(2π)2

12
�
τTDC

TDCO
�

2 1
fref

 (3.1)  

where τTDC is the TDC resolution, TDCO  is the oscillation period of the digitally controlled 

oscillator (DCO) output, and fref is the reference frequency of the DPLL [60]. In order to lower in-

band phase noise, the TDC resolution has been reduced to around 1-ps level according to the 

recently reported data [61]-[64]. However, improving TDC’s linearity performance faces 

increasing challenges particularly for high-resolution TDC. The TDC nonlinearity not only 

jeopardizes DPLL’s in-band phase noise, but also leads to deteriorated fractional spur level in 

Chapter 3  Advanced Time-to-Digital Conversion 

Performance Improvement Solutions 
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fractional-N DPLLs. When operating in a fractional-N mode, a multi-modulus divider (MMD) 

toggles the division ratio between N and N+1 and generates a gradually increased phase difference 

between reference signal and divided feedback signal [65]. Quantized by the TDC, a staircase 

ramp signal is generated at TDC output, as shown in Fig. 3.1. Directly feeding this signal into 

DCO through the loop filter may lead to an unacceptable spur level or unstable loop dynamics. In 

order to reduce the fractional spurious tones, a digital ripple cancelation technique is often 

employed [66]. As illustrated in Fig. 3.1, an ideal staircase ramp is generated following the 

variation of loop division ratio in fractional mode. This ideal staircase ramp is subtracted from the 

TDC raw output to cancel its staircase signal while extract the needed DC component. As a result, 

a less rippled TDC output for DCO tuning is generated, leading to an improved fractional spur 

performance. However, this spur suppression technique is highly sensitive to TDC’s linearity. 
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Fig. 3.1 Illustration of in-band phase noise and fractional spur level related to TDC performance 
in a DPLL with ripple canceler. 
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Various TDC architectures for DPLL applications have been reported recently. A single delay 

line TDC or a flash TDC is the most basic architecture, which quantizes input time interval 

information using a single chain of inverters. Although it can be easily implemented and has high 

conversion speed, its time resolution is limited by the CMOS gate delay that is sensitive to process-

voltage-temperature (PVT) variations [67]. Vernier TDC formed by two delay chains with slightly 

different delays can achieve sub-gate delay resolution with improved linearity since the first order 

mismatches are automatically cancelled [68]. However, its detectable range and conversion rate 

are greatly limited due to the reduced conversion step size. Consequently, a large number of delay 

stages are needed to cover the detection range, resulting in high power consumption. Vernier ring 

TDC achieves fine resolution and large detectable range simultaneously with a reduced hardware 

configured in a ring structure [69], [70], yet its conversion rate is low for large time intervals. ADC 

based TDCs and ΔΣ TDCs achieved good linearity and resolution with even poorer conversion 

rate [71], [72]. Time amplifier TDC can achieve fine time resolution and high conversion rate, yet 

it suffers from limited detection range and high power consumption [73], [74]. Gated-ring-

oscillator (GRO) TDC achieves fine resolution with large range, while its nonlinearity is a 

drawback due to the device leakage issue [46]. 

This work presents an 8-bit 1.25 ps resolution reconfigurable TDC based on the conventional 

2-dimensional (2-D) Vernier TDC topology [75]. The proposed TDC utilizes a novel 2-D spiral 

comparator array with its folding points reconfigured following the output sequence of a 2nd order 

ΔΣ modulator in order to randomize the folding point errors occurred when the comparator lines 

transit from one to another. The desired delays are interpolated using digital-to-time converters 

(DTCs) and the delay quantization errors are also randomized with a 2nd order ΔΣ modulator. 
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Fabricated in a 45 nm CMOS SOI technology, the prototype TDC consumes 70-690 uW under 1 

V power supply at 80 MHz conversion rate and achieves 0.4 ps maximum integral nonlinearity 

(INL), which compares favorably among the stat-of-the-art TDCs. 

3.2  Linearity Issues Associated with 2-D Vernier TDC 

To achieve reasonable in-band noise and fractional spur performances in DPLL designs, 

TDCs are required to have sub-gate delay resolution according to Equation (3.1), while its 

detection range should cover at least one DCO oscillation cycle (i.e., 500 ps for a 2 GHz DPLL) 

with a reference frequency normally around 50 MHz. Considering all those constraints, the 2-D 

Vernier TDC is a preferred candidate architecture. 
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Fig. 3.2 Illustration of a conventional 2-D Vernier TDC topology with Vernier delay lines and a 
2-D comparator array. 

In order to achieve improved detection range with fine resolution, a Vernier TDC with a 2-D 

comparator array [75], as illustrated in Fig. 3.2, are evolved from a prior-art Vernier TDC with a 
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1-D comparator line. 2-D Vernier TDC has reduced number of delay elements and much higher 

conversion rate compared with other types of Vernier TDCs. However, the linearity of a 2-D 

Vernier TDC is more sensitive to delay variations compared to 1-D Vernier TDCs [76], [77]. 
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Fig. 3.3 Simulated TDC transfer curve, DNL, and INL with 4% delay mismatch. 

With a closer look of Fig. 3.2, the TDC consists of two delay chains with two different unit 

delays τS and τF, respectively. The resolution is defined by the delay difference, for instance, τS - 

τF = 5∆ - 4∆ = ∆ in this case. The 2-D Vernier TDC breaks the comparator line into multiple 

sections and forms a 2-D comparator array instead of forming a long single comparator line. The 

2-D Vernier TDC uses less delay stages to cover the same detection range. However, each of the 

segmented comparator line contains k comparators, e.g., k is equal to 5 in this case. The folding 

points cycled by the gray box in Fig. 3.2 indicate the comparison signal’s transition locations into 

next comparator lines. The extended sixth comparison point in the first comparator line is equal to 

6τS -  6τF = 6∆, while the first comparison point in the second line is equal to 2τS -  1τF = 6∆. In 

order to ensure a smooth transition between each comparator lines, the two comparisons should 
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produce identical delay response to the input signals, namely, 6τS -  6τF = 2τS -  1τF . In general, a 

linear conversion using 2-D comparator array topology requires that 

  k (τS - τF) = τS. (3.2)  

This condition demands precisely matched delays in both delay chains against the PVT variations. 

A small delay deviation can lead to large periodic nonlinearity. Mismatches introduce slope errors, 

gaps or overlaps between the comparator lines, producing periodic errors in both differential 

nonlinearity points of the 2-D comparator array topology. To illustrate the problem, a 4% delay 

mismatch is assumed in the simulation. Fig. 3.3 present the simulated TDC transfer curve, DNL 

and INL. These plots illustrate that a small delay mismatch could lead to a large nonlinearity in 

the 2-D Vernier TDC. Indeed, the number of periodic cycles in the nonlinearity plots correspond 

to the number of comparator lines with their peaks located at the folding points of the comparator 

array. 

A nonlinear TDC transfer curve can lead to high fractional spur level in a fractional-N DPLL. 

A 2-D Vernier TDC based DPLL with digital ripple canceler was presented in [77]. Fig. 3.4 gives 

the measured TDC output in its fractional-N operation. The signal has a periodic cycle of 1 / 

f∆ = 1 / (F ∙ fref ), where f∆ is the closet fractional spur offset frequency and F is the fractionality. 

In this case, the DPLL is running with a division ratio of 29+1/64 and a reference frequency of 80 

MHz. The synthesized frequency is centered at 2.32125 GHz. The closest spur is located at 

f∆ = 1 / 64 × 80 MHz = 1.25 MHz.  The 2-D folding point errors can be clearly seen from the 

measured waveform given in Fig. 3.4. Subtracted from the ideal staircase waveform generated by 

the fractional accumulator, the measured TDC residue error and its filtered version are plotted in 

Fig. 3.4. Note that the residue error represents the TDC’s INL. Even with the digital ripple 
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cancelling technique, the filtered TDC residue error still shows nonlinearity associated with the 

folding point errors caused by TDC 2-D comparator array, which will be addressed later. 
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Fig. 3.4 Measured TDC transfer functions and TDC outputs after the digital ripple canceler, still 
showing TDC nonlinearity caused by periodic folding errors of the 2-D comparator array. 

  
  

Fig. 3.5 Fourier transform reveals the relationship between filtered TDC output and up-converted 
fractional spur components at the DPLL output. 
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The fractional spurs are affected by TDC nonlinearity and can be analyzed taking Fourier 

transform of the DCO control signal as illustrated in Fig. 3.5. The smoothed residue error in time 

domain is mapped into frequency domain as multiple tones located at f∆, 2f∆, 3f∆, etc. The DCO 

output in the loop is modulated by the filtered residue error signal. The frequency components of 

this filtered control signal will be up-converted to DCO’s output, showing as fractional spurs. Due 

to the TDC nonlinearity, the fractional spur level is only around -40 dBc. The fractional spur level 

will be covered in Chapter 4. 

3.3  Spiral Comparator Array Arrangement for 2-Dimentional 

Vernier TDC 

Previous discussion reveals that 2-D Vernier TDC peak nonlinearity appears at folding 

comparator line folding locations. By following a saw-tooth arrangement in traditional 2-D array, 

the last comparator in nth comparator line faces much larger accumulated delay mismatches 

comparing with the first comparator in the (n+1)th comparator line, leading to a discontinuous 

transfer curve. To break this trend, we thus propose to configure the 2-D comparator array in a 

spiral arrangement as shown in Fig. 3.6 [78]. In this arrangement, instead of folding the comparator 

line in a saw-tooth form in one direction, we rearrange the comparator path in a spiral shape. 

Referring to Fig. 3.6, the comparison points start with climbing up along the comparator line from 

node “0” in a similar way to the conventional 2-D Vernier TDC. When reach the folding point, the 

comparison folds back counter-clockwise to the left side and continuous downwards, as shown in 

Fig. 3.6. The separated two sides of the comparator array have opposite comparison mechanisms: 

on the right-hand side, it satisfies that mτS - nτF and defined as positive plane, while on the left-
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hand side it meets that nτF - mτS and defined as negative plane, where n and m are the unit delay 

index of the fast and slow delay chains, respectively. As a result, the mismatches along the 

comparison path are partially compensated, resulting in an improved linearity performance. 
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Fig. 3.6 Proposed Vernier TDC with a 2-D spiral comparator array. 
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Fig. 3.7 Comparisons among proposed 2-D spiral comparator arrangement (scheme 1) and 
conventional 2-D comparator arrangements (scheme 2 and 3), indicating a better linearity achieved 
by using the spiral comparator array formation with less delay elements. 
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To compare different comparator arrangements, we use reduced numbers of delay cells to 

illustrate the proposed spiral arrangement in comparison with other two conventional 2-D 

arrangements shown in Fig. 3.7. Scheme ‘1’ shows the proposed 2-D spiral comparator array and 

is used as the benchmark for evaluation. Schemes ‘2’ and ‘3’ provide two options that achieve the 

same resolution of “1τ” and conversion range of “20τ” by using conventional arrangements. 

Scheme ‘2’ uses the same amount of unit delay cells as that of the Scheme ‘1’. However, in order 

to maintain the “1τ” resolution, the temporal delay of its unit delay cells has to be reduced to 5τ 

comparing to 10τ in Scheme ‘1’. Thus, Scheme ‘2’ is more sensitive to delay mismatches and 

parasitic effects. Scheme ‘3’ is built with the same temporal unit delay as that of Scheme ‘1’, yet 

its comparator line length is doubled to fulfill the 2-D TDC linear requirement given in Equation 

(3.2), resulting in degraded nonlinearity and increased power consumption due to longer delay 

lines. 

From topological point of view, the comparison path in our proposed 2-D spiral Vernier TDC 

forms a spiral shape. The comparison starts from the center of the comparator array and gradually 

fans out to the outer lines, alternately across the positive plane on the right and the negative plane 

on the left when the input time interval increases. If there are mismatches, the errors accumulated 

on positive and negative planes will partially cancel with each other. In contrast, in the 

conventional 2-D comparator arrays, the comparison path follows a saw-tooth shape, moving in 

one direction on the positive plane, which accumulates mismatch errors. 

To further analyze the nonlinearity of the above three schemes, a theoretical model is built 

based on the theory presented in [75]. Two kinds of errors, absolute delay error ɛAbsolute and local 

delay error ɛLocal, are added, where ɛAbsolute is fixed delay error applied to all the unit delay cells in 
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the delay chains and ɛLocal is a gradually increased delay error along the delay chains, which models 

the unevenly distributed on-chip doping level. The simulated TDC INL in Fig. 3.7 reveals that 

Scheme ‘1’ has two opposite INL slopes alternatively appears along the TDC detectable range. As 

a result, its INL is bounded around zero. The INL slope of Scheme ‘2’ is the largest due to the 

reduced temporal delay of unit delay cells. The Scheme ‘3’ ends up with the largest INL due to its 

longest delay lines along one direction. Moreover, the transitions between comparator lines are 

much smoother in spiral arrangement comparing with traditional saw-tooth cases, which end up 

with much improved DNL as shown in Fig. 3.7. 

Among all these three options, the proposed spiral 2-D scheme achieves the best INL and 

DNL performance and has the least number of unit delay cells, which indicates less mismatches 

and fast conversion speed. 

3.4  Linearization Improvement Techniques 

3.4.1 Delay Interpolation of Unit Delay Cells 

Vernier TDCs’ nonlinearity mainly comes from the temporal delay errors of the delay units. 

Minimizing the delay error is the prerequisite for improving its linearity. The unit delay cell in the 

delay chain comprises a pair of cascaded inverters as shown in Fig. 3.8. To reduce mismatch, both 

fast and slow delay chains employ identical unit delay cells. In this design, the unit delay is tunable 

from 19 ps to 43 ps with seven digitally controlled bits to obtain digital calibration compatibility 

and meet tuning requirements against PVT variations. The seven delay tuning bits are constructed 

with six pairs of NMOS and PMOS transistors sized with binary weights. The 1st and 2nd least-

significant-bits (LSBs) of the tuning bits share the same transistor pair. A pair of keep-life NMOS 
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and PMOS transistors is connected in parallel with delay tuning transistors. The median value of 

the delay tuning range can be varied by adjusting the size ratio between keep-life transistors and 

the tuning transistors. Overall, each tunable delay cell is a 7-bit DTC with quantization errors due 

to its digitized tuning steps. Moreover, the quantization granularity is not evenly distributed due 

to the intrinsic nonlinearity of the MOSFETs. Indeed, the transfer curve of the delay cell follows 

an exponential curve approximately, as shown in Fig. 3.9. For instance, to achieve a 32 ps time 

delay, the closet reachable delay in the DTC is 31.9 ps as shown in Fig. 3.9. This 0.1 ps time 

difference introduces a 0.3% delay error that leads to an INL of more than 1.5 LSB according to 

simulations. 

To deal with this issue, we propose to interpolate the precise delay amount by using ΔΣ 

modulation. The delay interpolation with ΔΣ noise shaping is illustrated in Fig. 3.10, where the 

unit delay cells can be digitally tuned to four adjacent reachable discrete delays. To obtain the 

desired interpolated delay of 32 ps, a 2nd order ΔΣ output sequence is used to sequentially select 

these four delays as the timing diagram shown in the bottom of Fig. 3.10, where the time-average 

value of the temporal delay amount is 32 ps. The static delays corresponding to the four-digital 

delay-controlled-words (DCWs) vary among four reachable levels. Controlled by the 2nd order ΔΣ 

modulator, the spectrum of the delay sequence demonstrates 40 dB/dec noise shaping effect. The 

loading on the pseudo supply and ground lines of the delay cell (see Fig. 3.8) naturally provides a 

low-pass filter with about 2 MHz bandwidth that helps removing the shaped high frequency noise, 

leading to a smooth time-averaged interpolation delay value. Note that this delay tuning bandwidth 

is determined by the loading of pseudo supply and ground lines and is not related to the TDC 
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conversion bandwidth since the signal bandwidth of the delay cells are related to the inverter speed 

only. 
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Fig. 3.8 Seven-bit digitally controlled tunable unit delay cell circuit diagram 

The architecture of the 2nd order ΔΣ modulator is also shown in Fig. 3.10 [79], [80]. In our 

case, the integer value C is set to be 101. The fractional value K is determined by the distances 

between two adjacent quantized delay steps as well as the accumulator size, which has 10 bits in 

this design. Additionally, the adjustable fractional value K is used to compensate the mismatch 

between the seven digital controlled switches and the nonlinearity of the DTC transfer curve in 

this design. 
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Fig. 3.9 Digitally controlled tunable unit delay cell delay tuning transfer function. 

The delay chain contributes more than 80% of the total power in a Vernier TDC design. The 

unit delay cells use only parasitic capacitance to generate the delay and are optimized for noise, 

mismatch and power consumption. In traditional Vernier TDC designs, with a short time interval 

inputs, the conversion completes after the signal passed just a few number of delay cells. However, 

signals still propagate along the delay lines until they reach the end of each line. In this design, 

transmission gates are used to switch off the signal propagation through the remaining delay cells 

and dump it to the ground once the comparison is completed. This adaptive power control scheme 

reduces the TDC power consumption by about 50% in fractional-N mode, where the input time 

interval sweeps over the TDC detection range in one fractional cycle. As a result, the TDC average 

power can be estimated as 50% of the power consumed by the peak amount of delay cells. In 

integer-N mode, the TDC input time interval is around zero when the loop is locked, leading to a 

very short conversion time and a power saving for more than 90%. 
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Fig. 3.10 A 2nd order ΔΣ modulator used for DTC delay interpolation with quantization error noise 
shaping. 

3.4.2 2-D Comparator Array Folding Error Randomization 

As discussed in Section 3.2, 2-D Vernier TDCs suffer from periodic nonlinearity due to the 

transition errors at the folding points between different comparator lines in a 2-D array (see Fig. 

3.2). Even with delay calibration and the spiral comparator arrangement, the delay mismatch 

between the delay lines still cannot be eliminated completely. As a result, the folding errors are 



44 
 

inevitable and periodic INL peaks at the folding locations are still present, which results in high 

fractional spur level at the DPLL output. 
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Fig. 3.11 Four sets of delay settings used for folding error randomization and the resultant INLs. 
Also shown are four sets of spiral comparator array configurations that meet the delay requirement 
and their corresponding folding point locations. 

Comparator folding locations are fixed in hardware once the delay chains and comparator 

parameters are chosen. To reduce the nonlinearity, we propose to randomize the folding locations 

using multiple comparator configurations. If there are multiple sets of comparator line folding 

locations that can satisfy the Equation (3.2), we can choose different folding points in each 

comparison cycle, leading to a reconfigurable comparator array architecture that randomizes the 

mismatch errors. Fig. 3.11 illustrates four valid configurations of a spiral 2-D comparator array, in 

which “Config. 1” is the first arrangement with delay τf=25τ, τs=26τ. The enlarged squares labeled 
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with “64τ” and “65τ” indicate one of comparator line folding locations in Config. 1, where the 

maximum periodic error occurs. In “Config. 2, 3, and 4” with different delay settings, the “64τ” 

nodes are moved to different locations and the corresponding folding points in the simulated INL 

curves are shifted to TDC output code 67, 69, and 72, respectively, while the time resolution 

settings of ‘1τ’ among all configurations are kept the same. The randomization block diagram is 

shown in Fig. 3.12. With the tunable delay cell and reconfigurable comparator array, only one set 

of hardware is required. A ΔΣ output sequence generated by a 2nd order ΔΣ modulator preloads 

one of the four configuration settings to the TDC at each reference cycle and selects their 

corresponding output by controlling a 4-1 multiplexer. Fig. 3.13 presents four standalone TDC 

configurations’ INL nonlinearity results as well as the result randomized with the ΔΣ modulations. 

32
5τ

...
...

...
...

30
0τ

...

...

τ f 
=2

5τ

τs =26τ
8 9 10 11 12 13 14 15 16

260τ... ... ... ... ... 364τ ...
m:

7
8

9
10

11
12

13
n:

65τ+
-

Zoomed-in 2D Spiral 
Comparator ArrayComparat

or Lines

64τ
+

-32
5τ

...
...

...
...

30
0τ

...

...

τ f 
=2

5τ

τs =26τ
8 9 10 11 12 13 14 15 16

260τ... ... ... ... ... 364τ ...
m:

7
8

9
10

11
12

13
n:

65τ+
-

Zoomed-in 2D Spiral 
Comparator ArrayComparat

or Lines

64τ
+

-

28
6τ

33
8τ

...
...

...
...

...

...

τ f 
=2

6τ

τs =27τ
8 9 10 11 12 13 14 15 16

270τ 351τ... ... ... ... ... 405τ
m:

7
8

9
10

11
12

13
n:

68τ+
-

Zoomed-in 2D Spiral 
Comparator ArrayComparator 

Lines

67τ
+

-

65τ
+

-
64τ
+

-

32
5τ

...
...

...
...

30
0τ

...

...

τ f 
=2

5 τ

τs =26τ
8 9 10 11 12 13 14 15 16

260τ... ... ... ... ... 364τ ...
m:

7
8

9
10

11
12

13
n:

65τ+
-

Zoomed-in 2D Spiral 
Comparator ArrayComparator 

Lines

64τ
+

-

CFG. 3
CFG. 4

2nd order ΔΣ 
modulator

4-1 MUX

Enable

OutputReference 
clock

CFG. 1
CFG. 2

1-4 DEMUX

 

Fig. 3.12 2-D folding point randomization with tunable delay and reconfigurable comparator array 
controlled by 2nd order ΔΣ modulators. 
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Fig. 3.13 2-D TDC output periodic errors for individual configurations and modulated results. 
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Fig. 3.14 Delay variations and 2nd order ΔΣ randomization points. 
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Delay variation increases with the length of the delay chain. A signal goes through a longer 

delay chain will have a larger delay variation, as illustrated in Fig. 3.14. Moreover, due to layout 

geometry, the comparison points close to the end of transfer curve, which corresponding to large 

input time interval, face larger delay deviation from layout mismatches and parasitics. When 

combined with the spiral comparator array architecture, the randomization level is automatically 

adapted to input signals' time interval. As shown in Fig. 3.14, comparison point P4 located in the 

first comparator line has the same location among four different configurations. In other words, it 

experiences no ΔΣ randomization effect. The other three comparison points P34, P94, and P124, 

all have four different locations in four configurations. The second point among the four points is 

selected to be the default “0” point of a 2nd ΔΣ output sequence. And the other three points are 

assigned to “-1”, “+1”, and “+2”, correspondingly. The distance between each randomization point 

increases when comparison points move away from its nominal location. 

 

Fig. 3.15 Simulated TDC output spectrum without, with the 1st order, and the 2nd order ΔΣ 
modulators for folding error randomization. 
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The four configurations have the same resolution, namely, they have the same amount of 

quantization error. The difference of their nonlinearity characteristics lies upon the folding 

locations, namely, where the error peaks. Selecting different configuration using a ΔΣ modulator, 

the folding locations can be randomized, while the quantization noise remains the same. This 

randomization technique does not have a noise shaping effect, nor does it limit the conversion 

bandwidth. In the process, the spur cause by TDC nonlinearity is randomized, while its resolution 

is untouched. Fig. 3.15 gives simulated TDC output spectrum for the cases without, with the 1st 

order and with the 2nd order ΔΣ modulations. A 20-dB spurious-free dynamic range (SFDR) 

improvement is achieved with the 2nd order ΔΣ modulation. 
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Fig. 3.16 Automatic 2-D Vernier TDC close-loop and open-loop delay calibrations. 
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It should be pointed out that the reconfigurable structure comprises only one 2-D spiral 

comparator array in hardware, although four configurations are needed. Therefore, power 

consumption and area penalty are minimal for the proposed linearization technique. The four 

comparison configurations are always available in the 2-D spiral comparator array and one of the 

four valid configurations is selected based on the output sequence of a ΔΣ modulator at the 

beginning of each comparison cycle. The comparator array outputs are further processed by 

thermometer to binary encoders to produce the final TDC output. 

3.4.3 TDC Delay Calibration 

Prior to its normal operation, the TDC needs to go through a delay calibration. Calibration is 

one of the commonly used TDC linearization techniques. A close-loop automatic digital 

calibration technique based on least-mean-square (LMS) algorithm is developed in [77], [81]. This 

work leverages the technique with additional open-loop calibration capability for TDC stand-alone 

applications. The block diagram of the TDC calibration circuit is shown in Fig. 3.16. The 

calibration is accomplished with a 40 MHz reference clock to ensure sufficient time for digital 

computation. The loop’s output frequency is set to a certain fractional number with a minimal 

fractional part such as 60+1/1024, shown in the Fig. 3.16. With a small fractional number, the 

quantization error generated by the factional-N accumulator forms a staircase ramp waveform with 

fine step size that can be used to sweep the TDC input time interval over one DCO cycle. The 

corresponding TDC output further subtracted from the calculated ideal ramp signal, creating an 

error signal corresponding to TDC nonlinearity that is used to automatically adjust the TDC delays 

with optimization goal of minimizing this error. Two LMS loops are designed to collect the 

differential and common error signals used for fast and slow delay calibrations. Similarly, the 
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open-loop calibration uses an external signal to provide a fractional frequency same as that used 

in the close-loop calibration. However, although the frequency is pulled close to the desired value, 

the phase error can still be unknown in an open-loop operation. A large phase error could saturate 

the TDC’s output and fail the calibration algorithm. Thus, an out-range-flag is generated from the 

TDC to indicate whether the input phase error is out of the TDC detection range or not. This flag 

is used to validate the TDC input used for automatic calibration. A pair of optimized DCWs for 

slow delay line and fast delay is obtained during the calibration process and set as pair ‘0’. And 

the 2nd order ΔΣ modulator will select four adjacent DCWs to form the pair ‘-1’, ‘1’, and ‘2’ for 

precise delay interpolation. 
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Fig. 3.17 Block diagram of the proposed reconfigurable 2-D spiral Vernier TDC with 2nd order ΔΣ 
linearization. 
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3.5  An Ultra Linear Spiral 2-D Vernier TDC Design 

3.5.1 TDC Architecture and Circuit Implementation 

Fig. 3.17 presents the block diagram of the proposed TDC system including the proposed 

spiral comparator arrangement and two ΔΣ modulation based TDC linearization techniques. In 

summary, the 2-D spiral comparator array improves both linearity and detection range of the TDC. 

A ΔΣ modulator is employed in delay interpolation to minimize the quantization errors introduced 

by digitally tuned delay cells. The folding point errors commonly seen in 2-D comparator arrays 

are randomized by using a reconfigurable comparator array controlled by the output of another ΔΣ 

modulator. The 2-D spiral Vernier TDC produces seven output bits. A steering module detects 

lead/lag or polarity information and outputs the most-significant bit (MSB), forming the 8th bit of 

the TDC. To ensure there is no dead-zone around the zero-crossing point, the same comparator is 

used in the steering module with its decision standard derivation around 0.2 ps based on Monte 

Carlo simulations. This decision error is smaller than the quantization error, i.e., half of LSB 

(0.625ps in our design). 
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Fig. 3.18 Die photograph of the TDC prototype chip. 
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3.5.2 Experiment Results of the Proposed TDC 

The proposed TDC was fabricated in a 45nm CMOS SOI technology. As shown in the die 

photo of Fig. 3.18, the 2-D Vernier TDC core occupies an area of 0.03 mm2. Other auxiliary 

circuits occupy another 0.03 mm2 space. The measured full-range transfer curves of the TDC with 

and without the 2nd order ΔΣ modulator are given in Fig. 3.19. The TDC covers a conversion range 

from -160 ps to 160 ps, namely 8 bits output with a 1.25 ps resolution. Sinusoidal modulated delay 

signals are generated with an arbitrary waveform generator and are fed into the TDC to perform a 

spectrum measurement. Fig. 3.20 and Fig. 3.21 give the measured TDC output spectrum results 

with inputs equal to 1.01 MHz and 32.7 MHz under three different configurations: i) without ΔΣ 

modulation, ii) with the 1st order ΔΣ modulation, and iii) with the 2nd order ΔΣ modulation. A 10 

dB SFDR improvement is achieved with the 2nd order ΔΣ modulation. 
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Fig. 3.19 Measured TDC full-range transfer curves with and without the 2nd order ΔΣ modulation. 
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Fig. 3.20 Measured TDC output power spectrum density with 1.01MHz input signals under three 
different measurement configurations: i) without ΔΣ modulation, ii) with the 1st order ΔΣ 
modulation, and iii) with the 2nd ΔΣ modulation. 

 

Fig. 3.21 Measured TDC output power spectrum density with 32.7MHz input signals under three 
different measurement configurations: i) without ΔΣ modulation, ii) with the 1st order ΔΣ 
modulation, and iii) with the 2nd ΔΣ modulation. 
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Fig. 3.22 Single-shot precision measurement results with 10000 tests measured for four different 
input time intervals located at code 5, 64, 99 and 123, respectively. 
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Fig. 3.23 Measured histogram plots of TDC output codes with a ramp input signal sweeping the 
entire detectable range under different settings. 
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Measured histogram plots of the TDC output codes with a ramp input signal sweeping the 

entire detectable range of the TDC under different settings is presented in Fig. 3.22, illustrating 

the efficacy of each proposed TDC linearization techniques. Without calibration, the TDC transfer 

curve is extremely nonlinear with missing codes or code gaps due to the 2-D folding errors, layout 

mismatches, and unexpected parasitic effects. The 2-D folding error effect has been greatly 

reduced by automatic delay calibration and delay interpolation using ΔΣ modulators. The folding 

error residues together with layout mismatches and unexpected parasitic effects are further 

eliminated by the 2nd order ΔΣ randomization for the folding locations. The last histogram plot 

with evenly distributed code hits indicates a highly linear transfer curve. Two different time 

interval signals are further illustrated with single-shot precision measurements, as shown in Fig. 

3.23, where 10000 tests are measured for four different input time intervals located at code 5 and 

123, respectively. 

For comparison, linearity performances are measured with the 2nd order, 1st order and no ΔΣ 

modulations, as shown in Fig. 3.24. Periodic errors as large as 1.27 LSB are observed in the 

measured INL without ΔΣ modulation, showing dominant nonlinearity associated with the folding 

point errors of 2-D comparator array. With the 2nd order ΔΣ randomization, the measured INL and 

DNL have much smaller errors of 0.34 LSB and 0.25 LSB, respectively. Five different TDC chips 

are measured. The worst measured INL results over a temperature range from 25 °C to 125 °C and 

a voltage range from 0.8 V to 1.2 V are presented in Fig. 3.25, demonstrating the robustness of the 

TDC linearity performance against PVT variations with the proposed linearization techniques. 
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Fig. 3.24 Measured TDC DNL and INL without ΔΣ modulation, with the 1st order ΔΣ modulation 
and with the 2nd order ΔΣ modulation. 

Ma
xim

um
 IN

L (
LS

B)
Ma

xim
um

 IN
L (

LS
B)

0.1
0.8

0.2

0.9 140120

0.3

1 10080

0.4

1.1 60401.2 20

Ma
xim

um
 IN

L (
LS

B)

0.1
0.8

0.2

0.9 140120

0.3

1 10080

0.4

1.1 60401.2 20

S1
/ 2

0°
C/

 1.
2V

0.2

0.3

0.4

S1
/ 1

40
°C

/ 0
.8V

S2
/ 2

0°
C/

 1.
2V

S2
/ 1

40
°C

/ 0
.8V

S3
/ 2

0°
C/

 1.
2V

S3
/ 1

40
°C

/ 0
.8V

S4
/ 2

0°
C/

 1.
2V

S4
/ 1

40
°C

/ 0
.8V

S5
/ 2

0°
C/

 1.
2V

S5
/ 1

40
°C

/ 0
.8V

IN
L 

[L
SB

]

S1
/ 2

0°
C/

 1.
2V

0.2

0.3

0.4

S1
/ 1

40
°C

/ 0
.8V

S2
/ 2

0°
C/

 1.
2V

S2
/ 1

40
°C

/ 0
.8V

S3
/ 2

0°
C/

 1.
2V

S3
/ 1

40
°C

/ 0
.8V

S4
/ 2

0°
C/

 1.
2V

S4
/ 1

40
°C

/ 0
.8V

S5
/ 2

0°
C/

 1.
2V

S5
/ 1

40
°C

/ 0
.8V

IN
L 

[L
SB

]

 

Fig. 3.25 Measured maximum INL results under voltage/temperature variations for five different 
TDC chip samples. 
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This proposed 2-D spiral Vernier TDC is designed to cover 8 bits with a resolution of 1.25 

ps. Taking the nonlinearity performance into consideration, the effective number of bits (ENoB) 

is 7.58 bits and the effective resolution is 1.67 ps. In the measurement, the TDC consumes 0.3 mW 

under a conversion rate of 80 MS/s and a 1 V power supply when the TDC input is fed with a 

staircase sweeping ramp signal similar to a fractional-N mode operation. It consumes 0.7 mW if 

every cycle of the input phase difference exceeds the TDC’s full range and consumes less than 0.1 

mW when dealing with small input time interval, for instance, in an integer-N mode operation in 

a DPLL. Performance summary and comparison with prior-art TDC designs are listed in Table 

3-1. FoM is based on a well-accepted data converter figure of merit (FoM) evaluation criterion 

that takes the power consumption, detectable range, and conversion rate into consideration [82]. 

For TDC designs, effective resolution is an important factor that directly impacts DPLL’s 

performance. Considering both effective resolution and FoM, we summarized the performances 

of recently reported state-of-the-art TDC designs [83]-[89] and presented the comparison in Fig. 

3.26; demonstrating a very competitive TDC design among the state-of-the-art with excellent 

linearity performance. The presented TDC design provides precise time measurement and 

digitization of timing information up-to 1.25ps resolution, which supports a wide variety of 

applications, including DPLL, direct digital modulator, time-based communication transceivers, 

[90], [91], and mm-wave imaging radars [91], [92]. 
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Fig. 3.26 Performance summary and comparison with prior art TDC designs. 
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Table 3-1 Performance comparison with recently reported TDCs 

 L. Vercesi [75] 
JSSC’10 

J. Yu [69] 
JSSC’10 

W. Yu [72] 
JSSC’15 

S. Liu [93] 
VLSI’16 

S. J. Kim [94] 
ISSCC’15 

A. Sai [41] 
ISSCC’16 

This work 
[95] 

Topology 2-D Vernier Vernier ring 1-3 MASH Parallel 
sampling Stochastic SS-ADC 2-D Spiral 

Vernier 
Process 65nm 130nm 65nm 65nm 14nm 65nm 45nm 

NoB 7 12 11 14 10 6.1 8 
ENoB (1) 4.90 --- 9.42 13.40 8.28 5.76 7.58 

Resolution 4.8ps 8ps 2.64 6 1.17ps 6ps 1.25ps 
ER (2) 20.58 --- 7.89 8.7 3.85ps 7.60ps 1.67ps 

Speed [MS/s] 50 15 150 1 100 40 80 
DNL 

[LSB]/[ps] 0.9/4.32 --- --- 0.1/0.6 0.8/0.94 --- 0.25/0.31 

INL 
[LSB]/[ps] 3.3/15.8 --- 2.0 0.5/3 2.3/2.7 0.27/1.6 0.34/0.4 

Power [mW] 1.7 7.5 3.52 0.28 0.78 0.36 0.07-0.69 
Area [mm2] 0.02 0.26 0.03 0.12 0.036 0.022 0.04 

FoM (3) 0.266 --- 0.012 0.017 0.008 0.131 0.016 
FoMTDC(4) -112.7 --- -130.2 -128.3 -135.1 -120.0 -135.7 

(1) ENoB = NoB – log2 (INL+1). (2) Effective Resolution (ER) = Resolution × 2(NOB – ENOB). 
(3) FoM = Power / (2NOB × FS) [pJ / conv-step]. (4) FoMTDC = 20log(ER/1[sec.]) + 10log (FoMADC/1[pJ / conv-step]). 
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3.6  A Wide Range Highly Linear Ring TDC Design 

Resolution and detectable range are two critical and contradictory parameters for TDC 

designs. It is challenging to achieve fine resolution and large range simultaneously. Vernier based 

TDCs achieve good resolution, yet with limited range. Ring based TDCs have a wide detectable 

range, while its resolution and linearity are imperfect. The TDC presented in previous section 

achieved 1.25ps resolution and 0.4ps nonlinearity by using spiral 2-D comparator array and SDM 

linearization techniques. However, its 8 bits range is not able to support DPLLs with output 

frequency less than 3GHz. 

3.6.1 TDC Architecture and Circuit Implementation 

In order to expand the detectable range while not panelizing resolution and linearity, we 

proposed a taped 2-D Vernier ring TDC, shown in Fig. 3.27, with 2nd order ΣΔ linearization 

techniques and a spiral 2D arbiter array to achieve large range, fine resolution and improved 

linearity simultaneously. The TDC contains two delay lines and a 2-D arbiter array formed a 2-D 

Vernier TDC. The ring TDC is built with part of the slow delay chain. The comparison signals are 

fed into a steering block, which directs the leading and lagging signals to the slow delay line and 

the fast delay line, respectively. There are two switches in the slow delay line. The first switch is 

connected to the input signal node at beginning of each conversion and is switched to the loop 

after the signal appears. The second switch is controlled by a “ring/2D flag”. The time interval is 

measured by the ring TDC first. Once the interval residue falls into the 2D Vernier TDC range, it 

triggers the flag to activate the 2-D Vernier TDC. 
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Fig. 3.27 (a) Proposed 2-D spiral Vernier ring TDC with 2nd order ΣΔ linearization, and (b) ring/2D 
structure collaboration illustration. 
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Fig. 3.28 Signal propagation difference between (a) straight delay line and (b) end to end connected 
delay ring. 

Once a delay line is formed into an end to end delay ring, a pulse generator is required to 

convert input edge signal into a pulse signal. The reason is shown in Fig. 3.28. An edge signal is 

able to propagate in a delay line. However, when propagating in a delay ring, the state of the cells 

need to be reset after the signal passes. Otherwise, there will be no more transactions when signal 

comes back after the first lap. The falling edge of the pulse signal resets the delay cell. 

Table 3-2 Monte Carlo comparison of unit delay and number of delay cells 

Option 1 2 3 4 
τS / τF [ps] 15/16 25/26 35/36 45/46 

Delay cell number n 16 26 36 46 
Mismatch σ [fs] 37 12 18 31 
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To ensure a continuous transfer curve between the ring TDC and 2-D Vernier TDC, only first 

six delay cells in the slow delay chain are used to form the delay ring. In a 2-D Vernier TDC, the 

temporal delay and number of delay cells need to fulfill the previous mentioned Equation (3.2). 

The unit temporal delay τS and τF are affected by mismatches, which can be analyzed with Monte 

Carlo simulations. Table 3-2 shows the simulated temporal delays under different number of delay 

cells. If the delay is too small, the mismatch is relatively large. In order to minimize mismatches, 

larger delay is desirable. However, as revealed in Equation (3.2), the number of delay cells will 

increase when unit delay is enlarged, which also leads to larger mismatch. According to the 

simulations, we choose the unit delay τS / τF as 25ps/26ps. 
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Fig. 3.29 (a) Signal propagating issue in a delay ring when rising delay is not equal to falling delay. 
(b) Pulse generation timing diagram. 

Theoretically, the proposed ring TDC’s detectable range is only limited by the size of the 

output counter. However, the actual detectable range is limited by the mismatch between the 

transition times of the rising and the falling edges. In addition, unlike a delay-based ring oscillator, 

there is no feedback to compensate the mismatch over time in a ring TDC. As a result, the duty 
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cycle of a pulse propagating in a delay ring will either gradually increase or decrease, which 

eventually causes the pulse vanishing after passing a certain numbers of delay cells, limiting the 

achievable detectable range of the ring TDC. As illustrated in Fig. 3.29 (a), the unmatched rising 

time τr and falling time τf lead to a progressively increased pulse width, which eventually overlaps 

with the feedback pulse. 

In this design, the rising and falling delays can be adjusted in the duty cycle tuning stage of 

the unit delay cell, shown in Fig. 3.30, in order to achieve the targeted large delectable range of 14 

bits. Unit delay cells in both slow and fast delay chain comprise of three parts: delay tuning stage, 

duty cycle correction stage and signal truncation stage. The rising and falling edges are adjustable 

to regulate the pulse duty cycle and to compensate process, voltage, and temperature (PVT) 

variations. The truncation transmission gate switch stops the signal propagation to save power 

consumption once TDC conversion is completed. Its delay is digitally controlled by 6 tuning bits, 

capable to tune from 20 ps to 42 ps. Hence, each delay cell is a 6-bit digital-to-time convertor 

(DTC) with quantization errors. For instance, to get a 25 ps delay, the closet reachable delay in the 

DTC is 24.8 ps. The 0.2 ps temporal error will be accumulated during the signal propagating in 

the delay ring and result in a poor INL of more than 5 least significant bits (LSBs). We therefore 

propose to interpolate the precise delay amount by toggling among a few adjacent delay control 

words following a sequence generated by a 2nd order SDM. The time averaged value among those 

discrete delay steps gives the correct desired delay value and the quantization errors generated in 

the process are noise-shaped to high frequency band by the SDM. As shown in Fig. 3.31, the 

measured INL has been suppressed from over 5 LSB to less than 2 LSB with the 2nd order SDM 

running at 8 times over-sample ratio. 
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Fig. 3.30 Unit delay cell circuit diagram. 

 

Fig. 3.31 Measured (a) INLs/ (b) DNLs under different delay over-sample ratio. 
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Fig. 3.32 Measured (a) INLs/ (b) DNLs with different SDM settings. 

The prior-art 2D arbiter array suffers periodic nonlinearity associated with the transitions 

between arbiter lines (folding points) of the 2D structure. To further reduce the nonlinearity, the 

unique spiral 2D arbiter array and the SDM folding location randomization technique are used 

[78], [95]. Fig. 3.32 shows the improvement when applying the 1st order SDM and the 2nd order 

SDM and comparing to the case without SDM linearization. It is clear that the measured INL has 

been suppressed to 0.79 LSB with the 2nd order SDM from an INL level of 1.8 LSB when no SDM 

is applied. 

 

Fig. 3.33 Die photograph of the TDC prototype chip. 
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3.6.2 Experiment Results of the Proposed TDC 

The proposed TDC was fabricated in a 130nm CMOS technology. As shown in the die photo 

of Fig. 3.33, the TDC core occupied an area of 0.06 mm2 and other auxiliary parts (I/O buffers and 

digital unit) occupied another 0.06 mm2 area. The TDC covers a conversion range over 1.6 ns or 

14 bits with a 1 ps resolution. The measured full-range transfer curve and its corresponding INL 

are given in Fig. 3.34. The TDC consumes 2.4 mW under a conversion rate of 10 MS/s and 1.2-

volt power supply. With a 2nd order delay SDM running at 80 MHz for delay interpolation and a 

2nd order linearization SDM running at 10 MHz folding error linearization, our proposed 

architecture achieved a very competitive linearity performance with DNL/INL of 0.41/0.79 ps 

when compared with state-of-the-art TDC designs. 

 

Fig. 3.34 Measured TDC full-range transfer curves and INL. 
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3.7  Conclusion 

In this chapter, two different high performance TDC designs are presented. The first one 

achieving 1.25 ps temporal resolution with 8-bit range is implemented for high linearity 

applications. A spiral comparator array is proposed to enlarge the TDC detection range and 

improve the linearity. Two 2nd order ΔΣ modulators are utilized to lower the quantization errors of 

the DTC based unit delay cells and to randomize the periodic folding errors of the 2-D comparator 

array. With an 80 MHz reference clock, the measured maximum DNL and INL of the proposed 

TDC are 0.25 LSB and 0.34 LSB, respectively. With the adaptive power control that switches off 

unused delay cells, the TDC power consumption is greatly reduced. Fabricated in 45 nm CMOS 

technology, the TDC prototype consumes 70-690 μW under a 1 V power supply at a conversion 

rate of 80 MHz. It achieves 1.67 ps effective resolution and a FoM ADC of 0.016 pJ / conv-step, 

advancing the state-of-the-art high-performance TDC designs. 

The goal of the second TDC design is to accomplish a large detectable range. A total 14 bits 

(1.6ns) is reached with fine resolution of 1ps and excellent differential linearity (DNL)/integral 

linearity (INL) of 0.41ps/0.79ps owing to the following novel techniques: (i) a combined ring and 

2D Vernier TDC is used to 14 bits detectable range and 1ps resolution; (ii) a 2nd order ΔΣ 

modulator is adopted to mitigates the quantization errors introduced by the delay cell nonlinearity; 

(iii) the 2D arbiter comparison path is arranged in a spiral form in order to improve its INL; (iv) 

an additional 2nd order SDM is used to randomize the arbiter line folding errors associated with 

the 2- D arbiter array topology. Traditionally, technologies with small feature size are preferred 

for mixed-signal designs such as TDC design to achieve better performance and power efficiency. 

However, after five decades, it seems that the Moore’s low has come to a crossroads. As a result, 
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there is an increased benefit to focus on circuit innovations rather than simply pursue the use of 

technologies with small feature size to further improve the circuit performance figure of merit 

(FoM). In this work, by using a large feature size technology (130nm CMOS) we presented a TDC 

achieving improved performance comparing to state-of-art TDC designs using small feature size 

processes.  
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4.1  Introduction 

As semiconductor technology advances to finer feature size, digital circuits are becoming 

more efficient in both area and power. Integrating the conventional phase-locked loop (PLL) 

imposes a greater challenge and burden to maintain the analog components. On the other hand, 

digital PLL shares similar device as used in digital circuits. Fully synthesizable digital PLL has 

been proposed to take full advantage of the advanced deep submicron technology while providing 

easy integration with digital system [96]. Moreover, digital PLL is highly flexible and 

programmable which makes it capable of achieving functionalities that are very difficult to be 

obtained using analog PLL. As an example, various digital PLL architectures have been proposed 

to implement direct modulations for high-speed wireless polar transmitters [25], [97], which is a 

very challenging task for an analog PLL due to its nonlinear analog properties that are sensitive to 

process-voltage-temperature (PVT) variations. 

Converting from anaolg domain into digital domain, the PLL performance degradation is 

inevitable during the quantization process introduced by TDC. Almost every critical performance 

indicators of ADPLL is related to TDC’s specifications: the in-band phase noise is determined by 

TDC resolution; locking time and robustness is affected by detectable range; the fractional spur 

level is limited by linearity of the transfer function, etc. Till now, with the aid of advanced deep 

Chapter 4  Time-to-Digital Conversion in Phase-

Locked-Loop Based Frequency Synthesizers 
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sub-micron technology, multiple articles proved that the gap between digital PLL and analog PLL 

is fadeout. The ADPLL is able to achieve an outstanding figure-of-merit (FoM) and fractional spur 

performance that are competitive with the best anaolg PLL [98]. 

The main challenge for the TDC design in digital PLL now is probably the calibration. 

Uncharacterized TDC transfer function regarding to PVT variations can lead to an unacceptable 

performance. In this case the calibration has to be continuously done in the background. Various 

digital calibration techniques have to be applied to suppress fractional spurs in a digital PLL. The 

conventional fractional spur cancellation using sigma-delta modulator (SDM) [80] requires narrow 

loop bandwidth in order to suppress the noise-shaping component at high frequency band. In 

addition, using a high order SDM to toggle the loop division ratio varies the feedback edge after 

the divider over multiple digital-controlled oscillator (DCO) cycles, which requires a TDC or DTC 

with wider detectable range that leads to higher power consumption and more complicated 

hardware. These drawbacks motivate us to explore other spur cancellation methods including the 

digi-phase. Regardless of the techniques employed, the spurious level in DPLL is highly dependent 

on the TDC linearity, necessitating accurate calibrations. In this chapter, a wideband fractional-N 

DPLL with digital calibration for fractional spur suppression for a low power Wi-Fi transceiver in 

802.11 a/b/g/n bands using a 55 nm CMOS technology is presented. The two-dimensional (2D) 

Vernier TDC’s nonlinearity is automatically calibrated through the fractional frequency synthesis 

[81]. The implemented RFIC also includes an improved MMD that overcomes the division ratio 

skipping problem associated with the prior art designs. 
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4.2  A Low Spur Fractional-N All-Digital PLL Design with 

Automatic TDC Linearity Calibration 

When PLL is generating a carrier frequency fo which equals to integer multiples of the 

reference frequency fref, e.g., fo=Nfref, the frequency divider generates one pulse after N DCO 

cycles. Divider output pulse shall be directly aligned with the reference pulse when the loop is in 

lock, thus the phase error measured by the TDC is zero. On the other hand, when DPLL is 

generating a fractional frequency, the divider will toggle its division ratio between N and N+1 to 

achieve an equivalent fractional division ratio. Even though the average division ratio over time 

equals the desired fractional value, an instantaneous phase error exists between the divider output 

and the reference clock. This periodic error will further modulate the DCO control words, thus 

various fractional spurs will arise along with the desired carrier tone.  

To tackle this problem, digi-phase technique was first introduced in [99] to suppress fractional 

spurs. Since the periodic phase error is deterministic for each fractional frequency, an exact replica 

can be subtracted from TDC digital output to provide a constant control word at the DCO input. 

In our proposed design, the fractional accumulator output (quantization error) is used to generate 

an inverse stair waveform that is subtracted from the output of the TDC. If the two paths can 

maintain balanced gains, the injected stair signal can precisely cancel the original stair wave at the 

output of the TDC, leaving only the DC component for frequency tuning. This achieves a spur-

free fractional operation under ideal conditions. 
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Fig. 4.1 Simulated TDC output and the residue signal after the digi-phase canceller, showing that 
TDC resolution and TDC nonlinearity induced residue errors possess different periods. 

Various techniques including digi-phase [99] have been proposed to suppress fractional spur. 

However, the cancellation effect at TDC output is affected by various non-ideal circuit 

characteristic which degrades the spur suppression performance. Due to limited TDC resolution 

and linearity, a small amount of residue error might still exist after the cancellation. As shown in 

Fig. 4.1, assuming each TDC bit covers 2-tr of one DCO cycle and each digital bit in digi-phase 

cancellation signal covers 2-fr of one DCO cycle respectively, the TDC resolution induced residue 

has a period of 2fr-trTref, which corresponds to a fractional spur located at an offset frequency of 2-

fr+trfref. On the other hand, divider output sweeps around the reference edge with division ratio 

toggling between N and N+1, thus the TDC output waveform repeats every 2frTref cycles, which 

creates a fractional spur at an offset frequency of 2-frfref. As a result, both TDC resolution and 
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linearity have impact on fractional spurs. Nevertheless, the fractional spur from the TDC 

nonlinearity is more critical since it is closer to the carrier tone on the spectrum. As an example, 

assuming a TDC resolution of 5 ps, a reference frequency of 80 MHz, a carrier frequency of 2.4 

GHz and a fractionality 2-fr of 1/256, the resolution and linearity induced fractional spurs will be 

located at 26 MHz and 0.32 MHz, respectively. Thus, the fractional spur generated by limited TDC 

resolution will be greatly attenuated by the loop filter, leaving spurs generated by TDC nonlinearity 

as the dominant source. Thus, to implement a digital PLL with low fractional spur, it is critical to 

have a highly linear TDC. 

The fractional spur due to TDC nonlinearity can be further analyzed as follows: assuming that 

the residue error at the digi-phase canceller output can be expressed as: 

ε=A1sin(2πfmt)+A2sin2(2πfmt)+A3sin3(2πfmt)+… , where A1 is magnitude of the error’s 

fundamental tone and fm represents the fractional offset frequency, the power level of the closest 

fractional spur can be derived as: 

 Pfrac(dBc)=20∙log10 �
H(fm)KDCO∙A1

2fm
� (4.1)  

where KDCO denotes the gain of DCO and H (f) represents the loop filter transfer function. As an 

example, assuming a fractional frequency of 1.25 MHz, a loop bandwidth of 1 MHz such that the 

closest fractional spur experiences a slight suppression from loop filter, a KDCO of 10 kHz/bit and 

a TDC resolution of 5 ps/bit, the calculated and simulated spur level results are shown in Fig. 4.2 

(a). Simulation result deviates slightly from the calculated value for small TDC residue, mainly 

because that Equation (4.1) has not taken into account of the quantization effect of a digital PLL. 

Furthermore, using the measured TDC residue error as shown in Fig. 4.2 (b), its fundamental 
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waveform can be shown to have a peak-to-peak magnitude of 0.6 LSB, which corresponds to a 

peak magnitude A1 of 0.3 LSB. Using the above analysis, a spur level of -54 dBc is expected at the 

closest fractional frequency, which is very close to our measured closest spur level of -56 dBc. 

 

Fig. 4.2 (a) Fractional spur level due to residue error at the digi-phase canceller output. (b) 
Measured residue error and its fundamental waveform. 

4.2.1 ADPLL Architecture 

The complete digital PLL architecture with digital calibration is shown in Fig. 4.3. The TDC 

adopts a 3-step architecture to provide both fine and coarse measurements. Digi-phase cancellation 

signal is injected at the TDC output to cancel the instantaneous divider quantization errors. Ideally 

the waveform after the cancellation block shall remain constant with only DC component. 

However, various non-ideal characteristics in the loop will still cause a small amount of residue 

phase errors. In other words, the residue error after digi-phase subtraction is directly related to 

various system imperfections including non-linearity, mismatch and variation. Thus, this residue 

can be used as the error signal for various digital calibrations adopted in this design. The gain 
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applied on the digi-phase path is automatically adjusted with a TDC gain tracking module that 

correlates the error signal with the digi-phase gain. Optimized gain can be achieved when the error 

is minimized. Likewise, the TDC calibration uses the same error signal to adjust delay cell for 

optimal TDC linearity. In summary, our proposed digital calibration scheme can be described as 

follows: step 1, initially the PLL is locked to a known fractional frequency with the digi-phase 

block enabled and the TDC gain tracking fixed at a pre-set value. Step 2, after lock-in, the TDC 

calibration block utilizes the ramp signal at the TDC output for TDC linearity calibration. Step 3, 

the linearity calibration is disabled and the TDC gain tracking is enabled. Next, the loop is relocked 

to the desired frequency. 
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Fig. 4.3 Proposed DPLL block diagram with automatic TDC linearity calibrations for fractional 
spur cancellation. 
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Fig. 4.4 Proposed three-step TDC block diagram. 

4.2.2 ADPLL Building Block Circuits Implementation 

4.2.2.1 Three-Step TDC 

Similar to the PFD in an analog PLL, TDC measures the phase difference between the divided 

feedback signal and the reference clock. The measured result will be further quantized into digital 

bits and processed by the digital loop filter. The quantization step, or TDC resolution, directly 

determines the in-band phase noise at DPLL output, as presented in Equation (3.1). Assuming a 

TDCO of 416 ps and a fref of 80 MHz, a TDC resolution of 5ps can be calculated from Equation 
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(3.1) to achieve an in-band noise floor of -110 dBc/Hz. Since the phase error ranges across [-Tref/2, 

Tref/2], our proposed TDC is segmented into 3 steps to cover all possible phases during phase 

locking process as shown in Fig. 4.4. The three-step structure includes a bang-bang TDC as the 

first stage, a single delay chain as the second stage and 2D Vernier delay array as the third stage. 

The single delay chain is constructed as part of the Vernier delay chains in order to save area and 

power. TABLE 4-1 summarized the specifications of these three sub-TDCs. 

Table 4-1 Specifications of a three-step TDC 

Step Structure Range/Bit Resolution 
Acquisition Bang-bang ∞/1 +/- 

Coarse Flash 2.08ns/5 65ps 
Fine 2D Vernier 520ps/7 5ps 

 

In order to ensure a robust lock, a TDC covering an entire reference clock cycle is required. 

More specifically, a bang-bang TDC acting as a signal steering gear is employed for the first stage 

of the proposed 3-step TDC. The bang-bang TDC has the capability to detect an entire reference 

cycle (12.5 ns in an 80 MHz system). It takes the position of the falling edge from the reference 

(REF) signal as a trigger signal. If the divided feedback (DIV) signal is between REF signal’s 

rising and falling edges, as shown in Fig. 4.5, it will be determined as a lagging event. These two 

signals will be directly propagated to later TDC stages. Otherwise, if the divided feedback (DIV) 

signal arrives after the REF signal’s falling edge, it will be considered as a leading event with 

respect to the following REF signal’s rising edge. In this case, the two signals will be swapped to 

ensure a normal operation for the next TDC stages. 
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Fig. 4.5 Timing diagrams of the (a) bang–bang TDC, (b) single delay line TDC, and (c) Vernier 
delay line TDC. 

In the second stage TDC, a delay chain with 16 delay stages are adopted to provide a coarse 

measurement with 4-bit binary output. In conjunction with the polarity detection provided by the 

bang-bang TDC, the coarse TDC provides a 5-bit output with a resolution of 65 ps. By reusing the 

delay stages of the 2D Vernier TDC, this coarse TDC requires no extra hardware and power 

consumption, while extending the TDC detectable range to 2.08 ns. With this coarse TDC, the 

proposed digital PLL can achieve faster locking owing to the enlarged detectable range. In the 

simulation, an initial frequency error of 40 MHz was introduced. With this frequency error, it takes 

about 5.6 us to lock for a loop with the coarse TDC and the bang-bang TDC, while it takes more 
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than 30 us to lock for a loop using bang-bang TDC only without the coarse TDC. The fine TDC is 

used to further lower the in-band phase noise. 
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Fig. 4.6 Circuit diagrams of (a) TDC unit delay stage and (b) arbiter cell. 

The fine TDC is constructed using a Vernier structure with 2D arbiter array. The delays from 

one stage in fast delay chain and slow delay chain are set to 60 ps and 65 ps, respectively. This 

slight difference provides a sub-gate delay time resolution as fine as 5 ps. The fine 2D TDC has a 

detectable range of 520 ps (7 bits), which is sufficiently large to cover an entire 2.4 GHz DCO 

cycle (420 ps). Circuit diagram of TDC unit delay stage is shown in Fig. 4.6 (a). Each delay stage 

consists of two cascaded inverters to avoid mismatches between rising and falling edge. In order 

to tune each delay stage to the desired value (60 ps and 65 ps) for optimal TDC linearity, both 

delays are designed to be adjustable with 6 bit controls and 0.5 ps step size covering a range of 50 

ps. In addition, a first order sigma-delta modulator was added at the delay control input to further 

improve the tuning accuracy. The arbiter cell structure is shown in Fig. 4.6 (b). The reference and 

feedback signals are fed into port “Start” and port “Finish”. This arbiter structure is able to 
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distinguish a minimum time difference of 200 fs based on simulation results with propagation 

delay less than 10 ps. 
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Fig. 4.7 Proposed wide-tuning DCO architecture. 

4.2.2.2 DCO 

As part of a multi-bands wireless transceiver, a DCO with wide tuning range is required to 

provide sufficient spectrum coverage. Moreover, a wide tuning DCO can also be used in a DPLL 

with high data-rate direct modulation. In our design, four capacitor banks (PVT, ACQ, TRK, and 

FIN) are designed as shown in Fig. 4.7. The DCO oscillates at 5 GHz and is able to generate 2.4 

GHz carrier with a divide-by-2 prescaler. The implemented DPLL is able to cover 1.9~2.8 GHz 

and 3.8~5.6 GHz bands for multi-band applications. Thus, the DCO is equipped with a wide-tuning 
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range of 35%. In order to lock to the desired channel, the system will first use a successive 

approximation (SAR) algorithm to tune the PVT bank which has the widest tuning range with 6 

binary-weighted capacitors. Next, the other three banks, the acquisition (ACQ) bank (5-bit), the 

tracking (TRK) bank (6-bit), and the finest (FIN) bank (7-bit), will be activated for further locking. 

Thermometer-weighted structure is adopted for these three banks to ensure monotonic tuning 

characteristic. Fig. 4.8 shows the frequency range relationships among the tuning banks. In order 

to minimize quantization noise from DCO, two fixed capacitors are connected in series with the 

parasitic capacitor array to reduce the frequency tuning step. Eventually, the finest bank has 

achieved a frequency resolution of 10 kHz/step. 
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Fig. 4.8 Proposed DCO frequency tuning banks. 
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Fig. 4.9 Schematics and layout of digitally controlled capacitor unit. 

In addition, we used a common-centroid layout scheme as shown in Fig. 4.9 to further improve 

the monotonicity of the DCO tuning curve. The thermometer-weighted capacitors in each bank are 

placed in an array surrounding unit bit 0. Unwired dummy unit capacitors are inserted at corners 

of the array to minimize layout mismatches. Moreover, for each unit capacitance, the capacitor has 

been split into four equal pieces with a common-centroid quadrature layout style as well. 

4.2.2.3 Loop Filter 

As shown in Fig. 4.3, the digital loop filter consists of proportional and integral paths to 

achieve a programmable bandwidth from 200 kHz to 2 MHz. In addition, two additional IIR filters 

are added on the proportional path to create a second order filter. Parameters including gain on the 
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proportional and integral paths in the digital loop filter can be programmed to achieve different 

natural frequency ωn and damping factor ξ similar to the analog PLL: 

 ωn=�
Kβ
Tref

        ξ=
α
2
�K

Tref

β
 (4.2)  

where K represents total loop gain except loop filter, Tref is the period of reference clock, α and β 

represent gains in the proportional and integral paths, respectively. The loop can be programmed 

to a wider loop bandwidth initially for faster frequency lock and reconfigured to an optimal 

bandwidth that corresponds to the best phase noise performance afterwards. 

4.2.3 Automatic TDC Linearity Calibration 

Similar to the basic Vernier TDC, a fast and a slow delay chains are employed in a 2D Vernier 

structure. However, rather than using a single arbiter line, multiple arbiter lines are implemented 

in a 2D Vernier structure to compare each fast delay stage with multiple slow delay stages. By 

reusing part of the delay stages, larger detectable range can be achieved. However, a highly linear 

2D Vernier TDC requires that the delays of fast and slow chains to satisfy the following conditions: 

 �
n�ds-df� = ds 

ds-df = tres
 (4.3)  

where ds and df denote delays of single stage in slow chain and fast chain, respectively; n is number 

of stages in one arbiter line. The first equation comes from the condition for a continuous 

measurement with 2D Vernier TDC and the second equation sets the measurement resolution. 

Using these two equations, only one set of 𝑑𝑑𝑠𝑠 and df can be used as a viable solution. Any deviation 

of the two delays will cause error comparing to the ideal case. We define the common mode delay 

error as the deviation of the average of two delays and the differential mode delay error as the 



85 
 

deviation of the difference of two delays from their ideal values, respectively. As shown in Fig. 

4.10, a common mode delay error introduces gaps at the turning points of each arbiter line and a 

differential mode delay error leads to incorrect slope for each line. Moreover, TDC nonlinearity 

induced by common delay error is zero for small TDC input located within the first arbiter line. 

The deviation from ideal transfer curve accumulates as TDC input gets larger. On the other hand, 

the nonlinearity from differential delay error shows up even within the first arbiter line but only 

repeats itself periodically for large TDC inputs. It is from these observations that we conclude the 

dominant source for TDC nonlinearity is the differential mode delay error for small TDC inputs 

and the common mode delay error for large TDC inputs. 
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Fig. 4.10 Simulated TDC nonlinearity considering common mode error and differential mode error. 
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Fig. 4.11 Proposed TDC automatic linearity calibration loops. 

With a closer look, the quantization error generated by the factional-N accumulator presents 

a staircase ramp waveform that can be used to sweep the TDC input from –TDCO/2 to TDCO/2. As 

illustrated in Fig. 4.11, the corresponding TDC output can be further subtracted from an ideal ramp 

signal, creating an error signal that can be used to automatically adjust the TDC delays. As 

mentioned above, when TDC input is within the range of first arbiter line, only the difference 

between fast and slow delays causes TDC measurement error. On the other hand, the average of 

fast and slow delays dominates TDC error when TDC input is sufficiently large such that multiple 

arbiter lines are used. As a result, the common and differential parts of the fast and slow delays 

can be calibrated separately according to TDC input range. Two least-mean-square (LMS) loops 

are designed to collect the differential and common mode error signals used for fast and slow delay 

chain calibrations. More specifically, TDC generates a flag signal to indicate either one or multiple 
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arbiter lines are used in one measurement. This flag signal will be further used to activate either 

common or differential LMS loop. In this way, we can guarantee an orthogonal calibration of two 

types of errors without interfering each other. As shown in Fig. 4.12, measured results showed that 

the LMS loops for common and differential delays converge after about 150 us. The convergence 

speed depends on the step size of the LMS loop. Faster convergence can be achieved with larger 

step size. However, exceedingly large step size might jeopardize the convergence stability. 
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Fig. 4.12 Measured convergence of TDC common mode and differential mode delays. 

4.2.4 Experiment Results of the ADPLL 

A prototype of the proposed digital PLL is implemented in a standard 55 nm CMOS 

technology as shown in Fig. 4.13. The RFIC is separated into the digital part and the analog part 

on the layout to minimize their cross-talk. The entire digital PLL occupies 0.56 mm2, in which two 

major components, TDC and DCO, take most of the area. When the loop is locked to an integer 

frequency at 2.08 GHz, the measured in-band phase noise is -107 dBc/Hz and the integrated rms 
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jitter (from 10 kHz to 10 MHz) is 0.55 ps as shown in Fig. 4.14. The in-band spur around 250 kHz 

is due to the power regulator used on board. The loop bandwidth is set to 1 MHz in order to clearly 

show the in-band noise floor achieved. 
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Fig. 4.13 Die photo of the DPLL in a low-power multi-standard wireless transceiver RFIC. 

 

Fig. 4.14 Measured phase noise at a 2.08-GHz output with a loop bandwidth of 1 MHz. 
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To demonstrate the effectiveness of the proposed TDC calibration, the digital PLL is 

configured to lock at various fractional frequencies. Two cases with the fractionalities of 1/64 and 

3/64 are shown in Fig. 4.15 and Fig. 4.16, respectively. The measured largest fractional spurs in 

two cases at 1.25 MHz and 3.75 MHz were -45 dBc and -36 dBc before calibrations. In both 

measurements, the digi-phase spur cancellers have been enabled. However, small amount of 

residual error still exists after the canceller due to TDC non-linearity. When the proposed TDC 

calibration is completed, the fractional spurs level drop to below -55 dBc and -60 dBc, respectively, 

indicating a spur reduction of 10 dB and 25 dB, owing to the proposed TDC calibration scheme. 

Since the TDC gain is proportional to the delay difference between the fast and slow chains, the 

loop bandwidth varies slightly after delay calibration that could affect the final spur reduction 

effect as well. Furthermore, the spur level before calibration depends on the TDC initial delay that 

is PVT sensitive, different spur levels are observed for various frequency settings. However, with 

the proposed calibration turned on, the largest fractional spur level is always below -55 dBc. 

Additional measurements of the largest fractional spurs with different fractional frequencies before 

and after TDC calibration are shown in Fig. 4.17. 
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Fig. 4.15 Measured spectrum before and after digital calibrations with the fractionalities of 1/64. 
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Fig. 4.16 Measured spectrum before and after digital calibrations with the fractionalities of 3/64. 
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Fig. 4.17 Measured fractional spur near 2.4 GHz with a loop bandwidth of 1 MHz for different 
fractional frequencies with and without TDC calibrations. 

The measured TDC transfer curve is shown in Fig. 4.18. Before TDC calibration, gaps 

between different arbiter lines can be clearly observed due to inaccurate delays from two delay 

chains which will cause high spurious tone in DPLL output. After TDC calibration, the measured 

TDC transfer curve is very close to the ideal transfer curve. With auto-calibration, this 2D Vernier 

TDC achieves an average differential nonlinearity (DNL) of 1.13 LSB and integral nonlinearity 

(INL) of 0.81 LSB, while DNL and INL are 1.32 LSB and 3.49 LSB without calibration, 

respectively. The DNL is mainly caused by the 2D arbiter topology, where the turning points of 

the arbiter chains correspond to worst DNL. The proposed TDC gain and linearity calibration only 

needs to be carried out once initially and involves negligible extra power consumption. 
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Fig. 4.18 Measured TDC transfer curve, INL, and DNL before and after digital calibrations. 
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Table 4-2 Measured ADPLL performances and comparisons 

 Hsu [59] 
ISSCC’08 

Tasca [20] 
JSSC’11 

Elkholy [64] 
JSSC’15 

Gao [53] 
ISSCC’15 This work [77] 

Technology (nm) 130 65 65 28 55 

fref (MHz) 50 40 50 80 80 

fo (GHz) 3.2-4.2 2.9-4.0 4.5 5.8 1.9~2.8/3.8~5.6 

DCO Tuning Range (%) 27.2 31.9 26.8 / 32.1 

In-band PN (dBc/Hz) -108 -104 -106 -105 -107 

Fractional Spur (dBc) -53 -53 -51 / -55 

Fractional Frequency (MHz) 1 1 0.392 / 1.25 

Loop Bandwidth (MHz) 1.1 0.312 2.5 / 1 

RMS Jitter(fs) 204 400 490 173 549 

Fine TDC Number of Bits 11 / 4 / 7 

TDC Res (ps) 6 / 0.9 / 5 

DCO Res (kHz/bit) / 94 5 100 10 

Power (mW) 46.7 4.5 3.7 9.5 9.9 

Area (mm2) 0.95 0.22 0.22 0.3 0.56 
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As part of a low-power 802.11 a/b/g/n wireless transceiver RFIC, this proposed digital PLL 

consumes 9.9 mW total power in which TDC, DCO and the digital circuits (including MMD) 

consumes 4.7 mW, 4.2 mW and 1 mW, respectively. The reference signal is generated with an 80 

MHz crystal oscillator. Performance comparisons are summarized in Table 4-2, demonstrating a 

competitive DPLL design comparing to the state-of-the-art. 

4.3  Conclusion 

A typical TDC application, fractional-N digital PLL using 2D Vernier TDC with automatic 

linearity calibration is presented. By using a ramp signal generated from the existing fractional 

frequency synthesis blocks, the loop can automatically adjust TDC’s fast and slow delays to 

achieve the best linearity for fractional spur reduction. A digi-phase canceller with automatic TDC 

gain tracking loop is implemented to further suppress the fractional spurs. A largest fractional spur 

of -55 dBc was measured over various fractional frequencies without using traditional SDM for 

noise shaping. The proposed 3-step TDC is able to provide fine resolution and wide detectable 

range with minimal hardware. 
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5.1  Introduction 

Although time-to-digital converters are intensively used in all kinds of digital PLL 

applications, with pico-second and even sub-pico-second time interval detectability, newly 

developed high-performance time-to-digital converters paved ways for the time domain signal 

processing towards many different potential directions. 

With the advancement of the Internet of Things (IoT) concept, there is an increasing need for 

radical radio node recently to enable emerging distributed sensing, tagging and communication 

applications in commercial spaces that are based on ultra-densely deployed, collaborative, and 

secured sensor networks. The foundation of this node network is a unified highly miniaturized, 

low-power, and low-cost radio platform. One obstacle of the miniaturization is the on-node 

antenna required by the wireless communication links. The physical sizes of commercialized low 

frequency (MHz or several GHz range) wireless protocol radios are fundamentally limited by their 

antennas at millimeter to centimeter scale, which prevents the system-on-chip integration.  

The continuous device scaling in silicon IC technologies has opened the door for low-cost 

silicon-based electronics and radios operating at Terahertz (THz) frequencies[100]-[123]. Using 

THz carrier allows for a drastic antenna size reduction and enables extreme miniaturization of the 

Chapter 5  Time Domain Signal Processing in 

Advanced Communication Systems 
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whole radio to sub-millimeter scale, which will enable future invisible sensor nodes. However, 

another obstacle appears. Most existing THz radios consume a substantial DC power, often from 

hundreds of milli-Watts to Watts, incompatible with field-deployable radio nodes. Moreover, THz 

communication systems typically exhibit difficulties in high path loss, signal generation, and high-

sensitivity signal receiving. Wired power lines are not available for those field deployed sensor 

nodes. The overall power consumption directly affects the life span of each individual node and 

performance of the entire IoT system. An integrated IoT communication node prototype is 

presented in the following sections. Transmitting in THz frequency, the system achieves an ultra-

low power consumption by utilizing TDC based digital super regenerative technique. 

Together with the blooming of the individual electronic device market, wireless 

communication becomes one of the biggest branches in integrated circuit industry. Within all kinds 

of digital communication protocols, phase modulation is the most adoptive schemes. The vast 

majority of commercial protocols, such as Wi-Fi, Bluetooth, 3G, 4G and even 5G, are using phase 

related modulations like phase-shift keying (PSK) or quadrature amplitude modulation (QAM). 

Information in those kinds of modulation is encoded in or partial in separated phases. As we know 

that phase is essentially time domain signal in a certain frequency. Apply time domain signal 

processing techniques on wireless communication is able to shift the burden on analog domain 

partially and relief the complicity of some of the modules in transceivers, for instance the power 

amplifier (PA) in transmitter side and the ADC in receiver side. 
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5.2  Time Domain Demodulation in Super Regenerative Receiver for 

Low Power Internet-of-Things Applications 

Field deployment IoT system is classified by one crucial property; low power transmission in 

the range of few milli-watts. Traditional RF transceivers requires a relative high sensitivity level 

to maintain the acquisition range between the transmitter (TX) and receiver (RX). Power-amplifier 

(PA) on TX side and low-noise-amplifier (LNA) on RX side is indispensable to enhance the signal 

in the transmission path and reach a required sensitivity level. For example, a commonly used PA 

for portable Wi-Fi applications consumes a power in a few hundred milli-watts or even a few watts, 

which disqualified themselves from the IoT node candidates list.  
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RF Signal Demodulated 
signal

Envelop 
detector

 

Fig. 5.1 Schematic diagram of a general super-regenerative receiver 

The main motivation for using the super-regenerative receiver (SRR) is based on its low 

sensitivity requirement, which is able to compensate the huge path loss for a THz frequency signal 

transmission. Besides, compared with other receivers the SRR has much simpler architecture, 

which reduces the manufacture cost and suitable for massive produce. As can be seen in the 

schematic diagram in Fig. 5.1, it consists of a passive matching network, an amplifier controlled 

by a system driven quench signal, and a positive feedback path forming for oscillation purpose. 
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The modulated THz signal is coupled to the input. The oscillator is a combination of an amplifier 

and a selection network formed by a band-pass filter forming on the positive feedback path. The 

positive feedback continuously raises the gain of the amplifier, until the oscillation is started. The 

sensitivity of the receiver is significantly enhanced in this principle by means of the positive 

feedback loop. 

The amplifier gain is controlled by the system synchronized quenching signal which means 

oscillation starts at a certain point then it quenched before the oscillation starts again after some 

time. The demodulation mechanism in a SRR receiver is based on the variation on startup time of 

the oscillation. In the absence of the input THz signal, the startup process is slow; the oscillation 

is started by the aid of the thermal noise. The startup process of the oscillator is much quicker in 

the presence of the input signal with a target frequency. The OOK (on-off keying) is used to 

modulate and demodulate in such a system. 

A digital-bits-in/-out CMOS low-power super regenerative based THz radio system is 

presented in the following chapter, as shown in Fig. 5.2. As proof-of-concept demonstration, two 

THz pico-radio chips are used to establish a wireless communication link in a time division duplex 

manner. A bidirectional transmitter/receiver (TX/RX) circuit-sharing architecture configures the 

radio as a harmonic oscillator in the TX mode or as a super-harmonic super-regenerative receiver 

(SRR) in the RX mode. The TX is directly driven by On-Off Keying (OOK) digital data, and the 

super-harmonic SRR offers high sensitivity to compensate the THz path loss, extending the 

maximum communication distance. A time-to-digital converter (TDC) is integrated on-chip to 

provide direct digitized RX outputs. With the time division duplex operation, an on-chip two-feed 
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slot antenna is shared by the TX/RX to eliminate any duplexer circuit for further radio size 

reduction. The chip area is only 0.57mm2 including the on-chip antenna. 
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Fig. 5.2 A bidirectional digital-bits-in/-out CMOS THz pico-radio with on-chip antenna for 
wireless sensor nodes and Internet of Things (IoT). 
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Fig. 5.3 Circuit schematic of the THz pico-radio configured as the transmitting mode (TX). 

5.2.1 Digital PA-less Super Regenerative Radio Implementation with 

OOK Modulation and TDC Based Demodulator 

5.2.1.1 TX Mode 

In the TX mode, two pairs of cross-coupled oscillators oscillate at f0, and the 2nd harmonic 

signal 2f0 in THz range is extracted at the common mode nodes as the THz outputs shown in Fig. 

5.3. The cross-coupled transistors M2–M3 provide differential negative gm for oscillation. 

Transistors M4 and M5 are used as varactors for carrier frequency fine tuning. In the TX mode, the 

on-chip TDC and the RX injection transistor M1 are turned off for power saving. For the TX 

modulation, the OOK data drives the tail current source M2 for direct bits-to-THz transmitting. 

The supply voltage of the TX-mode oscillators is 1.1V. The total 2nd harmonic output power 

delivered to the antenna is enhanced at 2f0. In the actual wireless link, the TX output power is 
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optimized based on power-performance requirement. For example, in short-distance 

communications, the TX output power is backed-off for TX DC power saving. 
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Fig. 5.4 Circuit schematic and operation principle of the THz pico-radio configured as the 
receiving mode (RX). 
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The wavelength of the THz signal is below 1 mm, which allows the radiation and receiving 

antenna to be integrated on-chip. And it is shared between the TX mode and RX mode to save the 

total radio size [124]-[129]. 

5.2.1.2 RX Mode 

Conventional THz RXs operating above transistor fmax can be generally divided into power 

detector based incoherent detection scheme [109], [110] and sub-harmonic mixer based coherent 

detection scheme [119], [120]. Conventional passive power detectors feature low DC power 

consumption, small chip area, and low overhead due to supplementary circuits, but they often 

suffer from poor sensitivity. On the other hand, sub-harmonic coherent detections often achieve 

much better sensitivity, especially using a low IF frequency. Coherent detections also provide 

phase information and support complex quadrature modulations. Nevertheless, coherent detections 

require synchronized LO and THz PLL designs that often lead to large DC power consumption 

and chip area. 

Another incoherent power-based detection approach is to use a SRR [130]-[132] that is 

particularly suitable for applications with limited chip area and DC power. SRRs are also popular 

solutions for GHz low-power RXs and mm-wave/THz imagers [122], [123]. In this work, a super-

harmonic super-regenerative architecture is proposed, where the input signal frequency is around 

the 2nd harmonic of the oscillation frequency, enabling THz receiving above transistor fmax. 

Moreover, its regenerative nature substantially improves the RX sensitivity over incoherent THz 

power detectors and exhibits competitive sensitivity but at significantly lower DC power and chip 

area compared with coherent sub-harmonic mixer-based RX. 
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Fig. 5.5 Circuit schematic of the TDC. 

The RX mode operation is explained as follows: The TX/RX switch is closed. Once a 2f0 

input signal is received by the on-chip antenna, a 2f0 current is injected into the resonator tank, and 

creates a small asymmetry to perturb the fundamental oscillation start-up at f0 as shown in Fig. 5.4. 

Thus, the received OOK signal leads to different RX oscillation start-up time (Fig. 5.4). Transistors 

M7 and M8 are reconfigured as an envelope detector (ED), whose output subsequently triggers the 

TDC. By periodically quenching the tail current source M2, the received OOK signal is 
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demodulated through measuring and digitizing the regenerative oscillator start-up time by the 

TDC, achieving direct THz-to-bits receiving. Notably, the incoherent detection nature requires 

oversampling over the symbol rate at the RX to accurately recover the data. In our implementation, 

a 4× oversampling is chosen for the RX quench signal. The RX oscillation start-up time gradually 

decreases with larger input power, and the time-encoded output can be readily resolved and 

digitized by an on-chip TDC. 

Based on our THz super-harmonic SRR operation, a fine TDC timing resolution (~ tens of 

ps) is critical to achieve high RX sensitivity, whilst a large detectable timing range (~ tens of ns) 

is needed to capture the entire regenerative oscillation start-up event. These 2 timing requirements 

pose challenges for conventional TDCs, and judicious design considerations are thus required. 

Our TDC is designed as a 2-step TDC with a coarse TDC and a fine TDC (Fig. 5.5), achieving 

large conversion range and fine timing resolution simultaneously. The coarse TDC is implemented 

as a sampler with a timing resolution of 500 ps, while the fine TDC is implemented as a 2D Vernier 

structure, covering 725 ps range at a timing resolution of 25 ps. The 2D Vernier TDC comprises 

two slightly differed delay lines and a 2D comparator array, presenting several unique advantages. 

First, compared with conventional single inverter-delay-line based TDC (flash TDC) that 

quantizes time information based on the propagation delay of each individual inverter, the Vernier 

TDC has greatly improved timing resolution by using the propagation delay difference of the unit 

delay cells in the two delay lines, i.e., τs-τf. Secondly, the Vernier delay line architecture is less 

sensitive to process-voltage-temperature (PVT) variations since the 1st order PVT mismatches are 

automatically cancelled if the two delay lines are well matched. Monte Carlo simulations for the 

fast delay (τf), slow delay (τs), and delay difference (τs-τf) are shown in Fig. 5.6 (a), and the PVT 
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dependence is illustrated in Fig. 5.6(b). Both results indicate a significant improvement on the PVT 

variations for the Vernier delay line. In addition, by using a 2D comparator based 2D Vernier TDC, 

the number of delay stages can be substantially reduced. 

 

Fig. 5.6 (a) Monte Carlo simulations of the fast delay (τf), slow delay (τs) and delay difference (τs-
τf) on the process variations. (b) Simulated delay variations over temperature, supply voltage and 
corners. 

The timing diagram of the RX mode and TDC is explained as follows. Once the RX quench 

signal turns on the THz regenerative oscillator, its start-up time is first sampled by the coarse TDC. 

The ED output rises in proportion to the oscillator growing amplitude, and it eventually passes a 

threshold and triggers the fine TDC. The fine TDC then resolves the residual time of the coarse 

TDC residue, i.e., the timing difference between the onset of the fine TDC and the immediate next 
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clock of the coarse TDC (Fig. 5.7). The RX oscillation start-up time is thus the output difference 

of the coarse and fine TDCs. At low data rate, the duty cycle of the quench signal is reduced to 

further save the RX DC power. 
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Fig. 5.7 Timing diagram of the RX mode and the TDC, assuming 4Mbit/s OOK data rate. 
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Fig. 5.8 Concept of the switching capacitor energy harvester. 
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5.2.1.3 Energy Harvester 

Wireless communication is one of the foundation of the IoT networks. Power grid is not 

available to every terminal of the net. Self-powered capability therefore becomes essential to IoT 

system node sensors. Our proposed THz radio node processes the energy harvesting function that 

can extract energy from unstable ultra-low voltage power source, such as solar cells. Switching 

capacitors are commonly used for this application. The concept is presented in Fig. 5.8. Two 

CMOS inverter like switch groups are stacked horizontally in the voltage domain. An input voltage 

is tied to the junction of those two groups. All the gates are connected to a clock signal. “Inverter’s” 

outputs are coupled by a capacitor CFLY. In state one, the bottom plate of the CFLY is switched to 

ground, and the top plate is charged by Vin. Once comes to state two, the bottom plate is lifted to 

Vin, and the charge on the top plate is released to the node Vout. After several cycles, the voltage 

on Vout becomes twice of the input voltage Vin. 
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Fig. 5.9 Schematic of the adopted voltage doubler. 

The energy harvester adopted in our design consists of two series connected voltage doubler 

converting an input voltage around 0.5 volt to 1.8 volt. The architecture as shown in Fig. 5.9 is 
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provided in [133], [134]. Two stacked ring oscillators are coupled by capacitors. The ring 

oscillators served as switch capacitors and clock generators simultaneously. A feedback loop is 

formed to adaptive adjust the output voltage. 

5.2.2 Experiment Results of the THz Wireless Communication System 

The bidirectional THz pico-radio is designed and fabricated in a 45nm CMOS SOI process 

with high-resistivity substrate (Fig. 5.10). The miniaturized THz pico-radio only occupies 

950×600µm2 including all the pads. The CMOS chip is wire-bonded to a PCB to facilitate the 

testing. 
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Fig. 5.10 THz pico-radio chip microphotograph. 

After characterizing the performance of the TX and RX individually, wireless communication 

based on OOK modulation is established between the two THz pico-radio chips. The measured 
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data rate, TX/RX distance, and TRX total DC power consumption are summarized in Fig. 5.11. 

The maximum data rate of 4.4Mb/s (BER<10-7) over 50cm maximum TX/RX distance is 

supported at a peak TRX DC power of 49.3mW. The maximum data rate is limited by how fast 

the RX oscillator starts to oscillate, which can be potentially increased at the expense of reduced 

RX sensitivity and maximum communication distance. 

The THz pico-radio TRX achieves power-performance scalable operation, where DC power 

is optimized based on the actual link distance and data rate [Fig. 5.11(a)]. The TX DC power and 

its output power can be lowered for closer communication distances, while RX quench signal duty 

cycle can be reduced for lower data rates. For example, the TRX total DC power reduces to 

26.4mW when the data rate is lowered to 1Mb/s while keeping 50cm TX/RX distance. The TRX 

DC power further reduces to 18.7mW with 1Mb/s data rate when the communication distance is 

shrunk to 17cm. The measured BER and minimum RX DC power versus data rate over 50cm 

communication distance as well as the measured BER versus distance at different TX DC power 

for 4Mb/s OOK are shown in Fig. 5.11(b) and Fig. 5.11(c). 

With the high-resolution on-chip TDC, the RX is also able to accurately distinguish the received 

signal strength based on the oscillation start-up time at a fixed TX/RX distance. Therefore, two 

THz pico-radio chips are used to establish an ASK wireless link to increase the total 

communication throughput. The measured maximum communication distance versus number of 

bits for BER<10-5 and BER<10-7 are shown in Fig. 5.12. The ASK link supports 4-bit 4Msym/s 

(16Mb/s) communication over 15cm and 3-bit 4Msym/s (12Mb/s) communication over 35cm 

(BER<10-5) with BER<10-5. 
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Fig. 5.11 THz pico-radio communication link using OOK modulations. (a) The results are 
summarized as measured TRX peak DC power versus TX/RX communication distance and OOK 
data rate at BER<10-7. (b) Measured BER and minimum RX DC power versus data rate over a 
fixed TX/RX distance of 50cm. (c) Measured BER versus TX/RX distance at different TX DC 
power for 4Mb/s OOK signals. 
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Note that this capability of distinguishing received amplitude can be used to monitor the real-

time THz transmission characteristics between the TX/RX pair, which can enable a wide variety 

of distributed sensing applications, such as very-large-scale position/motion tracking, 

temperature/humidity monitoring, vibration/deformation sensing, or non-contact THz 

electromagnetic “tactile sensing”. 

 

Fig. 5.12 THz pico-radio communication link using ASK modulations with a symbol rage of 
4Msym/s. The results are summarized as maximum communication distance versus number of bits. 

5.3  Hybrid Time-Analog-to-Digital Conversion for Direct RF Polar 

Wireless Communication System 

Cartesian I/Q transceivers are widely adopted in nowadays wireless communication systems. 

Most of today’s wireless communication standards, such as GSM, WLAN and LTE, require a large 

peak to average power ratio (PAPR), which results in a huge burden to all the modules in the signal 

path. To prevent signal distortion, those circuits need to be highly linear. Consequently, a large 

power consumption is required for I/Q transceivers to meet the linearity specifications. Fig. 5.13 

gives a conventional I/Q wireless transceiver architecture. 
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Fig. 5.13 Traditional I/Q wireless transceiver architecture. 

The high PAPR of an I/Q architecture is due to the constant varying signal amplitude. One 

solution to relieve the issue is to use polar-based transmitter architecture. A polar direct modulation 

transmitter architecture is presented in Fig. 5.14. The original digitized I/Q signals are converted 

into amplitude and phase through the coordinate rotation digital computer (CODIC) and fed to two 

paths, amplitude path and phase path. The digital phase data is directly converted to phase 

modulated RF signals though ADPLL or direct-digital-synthesis (DDS) based direct phase 

modulators. And the amplitude information is embedded to the transmission signal at the PA stage, 

the very end stage of the transmitter, by using a digital power amplifier (DPA). By exploring the 

architecture diagram, it can be found that the linearity requirement has been detached from most 

of the modules, since the phase path only deals with constant envelope signals and the main parts 
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of amplitude path are located in digital domain. The only module left to face the high linearity 

requirement is the DPA, which also can be relieved with some specific modulation types that will 

be covered in the following sections. 
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Fig. 5.14 Existing polar direct modulation TX architecture. 

Polar transmitter has been invented and studied for years [25]. However, literatures about the 

corresponding polar receivers can barely be found in communication field. One of the main reasons 

is that normally the received signal becomes very tiny during a long-distance transmission to the 

receiver. Thus, the linearity performance turns out to be less important comparing with transmitter. 

And the main burden of a receiver is shifted to ADC part and baseband signal processing part. For 

a conventional WLAN receiver, the system calls for an ADC for both I and Q signal path. These 

ADCs require around 10 number of bits and running with a minimum oversample ratio of 4, which 

is around 100Msps ADC sample rate. The ADC specifications mentioned above are feasible, but 

with considerable power consumption and cost. 
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Fig. 5.15 Block diagram of TDC based hybrid polar data converter in RX architecture. 

5.3.1 Sub-Sampling Direct RF Demodulation Data Converter for Polar 

Receiver 

Following the trend of digitization everything, the polar direct modulation TX architecture 

shows a good example that the major portion of it has been moved into digital domain as shown 

in Fig. 5.14. Two remaining parts, DCO and DPA, can be treated as data converters that transfer 

digital information into RF signals. In contrast, the digitization process in receiver part is still 

unclear. Sampling the signal at RF frequency by using ultra-high-speed ADC is one solution. 
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However, tremendous cost (hundreds or even thousands of dollars) and power consumption (a few 

watts) [xx-xx] block its way to commercialize for common customers. 

In this work we proposed a novel time domain information assisted wireless receiver 

architecture, which uses both TDCs and ADCs to form a polar data converter and demodulator. 

The block diagram of the proposed architecture is shown in Fig. 5.15. At beginning, a few amplifier 

and filter stages process the antenna captured RF signal preliminarily. Secondly, instead of 

splitting into I/Q, the RF signal is fed into TDC path and ADC path directly. In the TDC path, the 

signal will go through a hysteresis buffer, which preserves signal’s phase information and removes 

its amplitude. By carefully adjust the VTH and VTL of the buffer, the hysteresis effect reduces the 

noise in phase domain. The m-bit TDC measures the time difference between the system clock 

and the immediate zero-crossing point of the received signal. The signal in the other branch is fed 

into ADC directly. And the ADC sampling position tuned by a DTC is resolved based on TDC 

output data. The outputs of ADC and TDC represent the amplitude and phase of the baseband 

signal. Thus, the proposed architecture is able to directly demodulate the received signal. 

 

Fig. 5.16 Polar RX working principle with 16-QAM baseband signal. 
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Fig. 5.16 demonstrates the proposed polar receiver’s working principle. Take ‘Symbol 1’ for 

example. Firstly, the frequency of the baseband PLL is tuned and locked to baseband frequency 

and the phase is aligned with the edge of baseband symbols. The TDC measures the time between 

the start time of a baseband symbol and the stop time at baseband signal’s first zero-crossing point, 

either rising or falling. The TDC’s output represents phase information of the current symbol. Then 

we need to determine its amplitude, which represented by the peak value of the sinusoidal signal 

waveform. Taking a closer look of Fig. 5.16, it can be found that the signal peaks at the position 

of rising zero-crossing point with a λ/4-time delay, as indicated with a solid blue line. Thus, if the 

ADC samples the signal at that specific point, the measured data represents the amplitude of the 

signal. With the gathered phase and amplitude information, the symbol is mapped to the 

constellation and the signal is therefore recovered. One additional characteristic needs to be 

pointed out that oversample ratio is not necessary for this proposed architecture. When dealing 

with QAM or other phase modulated signals, the ADC only need to convert once per symbol to 

recover the signal with the information provided by TDC. 

The baseband data in conventional protocols operate in serval mega symbol per second. 

However, the abrupt transitions between each symbol expand the bandwidth of the signal to 

infinity in frequency domain. Practically, pulse shaping filters, such as raised cosine filter, are 

applied to the baseband signal, which limit the bandwidth of the signal and fit transmitter’s 

requirements. The spectrum of the unfiltered and filtered signal can be observed in Fig. 5.17. The 

power spectrum of the filtered signal is limited in a certain desired bandwidth. The out-of-band 

frequency components have been greatly suppressed. Furthermore, in order to match the 

transmission spectrum restriction, the baseband signal is up-converted to a specific RF carrier 
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frequency according to a certain wireless communication protocol, for instance 2.4GHz for 

802.11g standard. 
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Fig. 5.17 FFT results of the filtered and unfiltered signal. 

The solid black curve shown in Fig. 5.17 depicts the signal spectrum after filter and up-

conversion. Next, let us explore the changes in time domain. An example is given in Fig. 5.18, 

where a 150M symbol per second baseband signal is filtered and up-converted to 2.4 GHz carrier 

frequency. A section of the signal, which contains three sequential symbols, is depicts in both time 

domain and constellation plots. Comparing with the signal in Fig. 5.16, it can be clearly seen that 

the actual RF transmission signal is quite different from baseband. Instead of only one baseband 

frequency oscillation cycle, a multiple of 16 cycles in carrier frequency are fitted into one symbol 

period, after the up-conversion. The effect of the pulse shaping filter influence the time domain 

signal in another way. The two time domain RF frequency signals, with and without filter, are 
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plotted in Fig. 5.18. The unfiltered signal is plotted in color gray. Abrupt phase and amplitude 

jumps can be observed at the edge of each symbols. While, the filtered signal (in black) is gradually 

changed from one symbol to another, instead of having a sudden transmission, which confines the 

signal in a limited bandwidth as discussed earlier. Though the two signals seem totally different, 

they appear approximately overlapped at the edge of each symbol. Thus, the former introduced 

TDC based data conversion is valid only in the restricted time intervals as squared with blue boxes 

in Fig. 5.18. The RF signal is directly fed into the converter without frequency down-conversion, 

yet both the TDC and the ADC sample the signal once per symbol and works at baseband 

frequency. The outputs of the convert provide enough information for constellation reconstruction. 

And this is the reason for given its name of sub-sampling direct RF demodulation data converter.  
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Fig. 5.18 Direct RF demodulation with 64QAM signal. 



119 
 

There are two obvious benefits: first, without down-conversion the maximum phase variation 

is limited in one RF oscillation cycle, which means the TDC detectable range is greatly reduced to 

carrier frequency period (416 ps in this example); second, both the TDC and ADC sample the 

signal once per symbol at baseband frequency. Traditionally, either two ADCs at baseband 

frequency or one ADC at intermediate frequency (IF) is required with a minimum oversampling 

ratio larger than two to reconstruct the signal in digital domain. No matter which scenario is 

chosen, a higher sample rate is required and leads to a larger power consumption while comparing 

with the proposed conversion technique. 

Similar to I/Q receivers, the proposed polar receiver requires phase and frequency alignment 

between local clock signal and received signal. Without a proper alignment, phase and amplitude 

drift occur, and result in a large unacceptable EVM. Therefore, we need to align the phase through 

calibration in the initial state. A multi-phase clock is adopted for coarse alignment, which generates 

multiple evenly distributed phases. The system will automatically sweep the phases during the 

initial communication setup state and pick the closest phase comparing with the symbol start time 

to be the TDC sampling clock. Then, we use a tunable delay cell for further fine phase alignment. 

The use of multi-phase clock will relax the tuning range of delay cell and reduce power 

consumption. This calibration is part of the receiver setup through automatic feedback calibration 

built in digital baseband. 

This intelligent control of sample point allows us to simplify the data converter architecture. 

In our proposed architecture, a normal SAR-ADC is adopted with greatly reduced number of bits 

and low power for amplitude detection. This time-processing receiver architecture is suitable for 

low power communications such as portable cellular and IoT communications. It simplifies not 
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only the RF and data-converters, but also the baseband processor, leading to ultra-low power with 

greatly extended battery time. 

I

Q

Polar Space

I

Q

Cartesian Space
 

Fig. 5.19 A comparison between Cartesian I/Q converter and polar converter. 

5.3.2 APSK Modulation for Polar Transceiver 

Another reason to pursue polar receiver is that comparing with conventional Cartesian I/Q 

receiver, polar receiver requires less data converter number of bits when dealing with same SNR 

level signal [135], [136]. Fig. 5.19 explains this advantage in an intuitive way. The first plot 

illustrates a Cartesian I/Q conversion space. The dashed lines indicate data converters’ 

quantization level. In this example, the signals in both I and Q paths are quantized into 8 levels, 

namely 64 quanta in total. In the polar case as shown in second figure, the space has been quantized 

with 16 phases and 4 amplitude levels, 64 quanta as well. Note that no matter dealing with large 

or small input signal, the I/Q converter’s quantization resolution (small box) remains the same, 

while the polar converter has large quantization resolution when input signal is large and finer 

quantization resolution when signal has small amplitude. In other words, the polar data converter’s 

quantization steps are automatically adjusted based on input signal’s amplitude, leading to 
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improved SNR with the same number of bits for data converters. Because all the phases finally 

converge to the origin, the resolution is infinitely magnified when signal approaching zero. 
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Fig. 5.20 Minimum amplitude and phase number of bits for rectangular 64-QAM with 25dB EVM. 

However, a combination of polar transceiver and rectangular QAM signal is not an efficient 

choice. The QAM modulation widely adopted in wireless commercial communication protocols, 

such as Wi-Fi and 4G cellular, is developed based on I/Q transceiver architectures. For example, 

a minimum 4 bits long data length in both I-path and Q-path is adequate to construct a 64-QAM 

constellation. As illustrated in Fig. 5.20, while transformed to polar architecture, at least six bits 

in amplitude path and eight bits in phase path are required to meet the 25dB EVM specifications 

in Wi-Fi 64-QAM modulation protocol. As a result, the benefits of polar architecture cannot be 

fully utilized when dealing with rectangular modulations. 

Polar architecture has intrinsic advantages with circularity. Just like circular and spherical 

problem found easier in polar coordinates, circular arranged constellation is more suitable for polar 

architecture. Amplitude and phase shift keying (APSK), also knowing as circular QAM, is 



122 
 

therefore introduced to fit the polar transceiver. The proposed M-ary APSK (M = 4, 16, 64, 256, 

1024, …) constellation is defined as: 

 χ = 
A

2�
log2 M

2  -1�
 p e

j� 2π
log2 M

2  +1
�q

 

 
=

A
√M/2

 p e
j� π
√M

�q
 for p=1, 2, …,√M/2  q=1, 2, …,2√M (5.1)  

where A is the maximum amplitude of signal, p is the number of amplitude levels in the M-ary 

APSK, and q is the number of phases in the M-ary APSK. In order to reduce the PAPR, the phase 

always has two more bits than the amplitude, namely max(�p) + 2 = max(�q). Fig. 5.21 gives an 

example of one of the APSK constellation arrangement, which contains 4 amplitude levels and 16 

phase levels. The PAPR is defined as the ratio of signal peak power over RMS power, where 

peak power = max(I(i)2+Q(i)2) 

 RMS power =
 ∑ (I(i)2+Q(i)2)M

i=1

M
 (5.2)  

PAPR(dB) = 10 log
peak power
RMS power

    i=1, 2, …, M 

 

Fig. 5.21 Rectangular 64-QAM and 64-APSK constellations. 
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And a PAPR comparison between rectangular QAM and proposed APSK is given in Table 5-1. 

Table 5-1 PAPR comparison between rectangular QAM and proposed APSK 

M-ary 4 16 64 256 1024 4096 
QAM PAPR (dB) 0 2.55 3.68 4.23 4.50 4.64 
APSK PAPR (dB) 0 2.04 3.29 4.00 4.37 4.57 

Difference (dB) 0 0.51 0.39 0.23 0.13 0.07 
 

Though according to some researches [137], [138] it seems rather difficult to claim that APSK 

outperforms QAM in ideal conditions, the scenario inverses when considering the impact of some 

non-idea effects, for instance phase noise, nonlinearity, and multipaths issues [139]. In fact, APSK 

can benefit of its low PAPR, which is more suitable for the situations when using power amplifiers 

with nonlinear characteristic, like CMOS based DPAs, on portable or IoT applications. 

 

Fig. 5.22 Rectangular 64-QAM and 64-APSK constellations with phase noise. 
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Fig. 5.23 Rectangular 64-QAM and 64-APSK constellations with nonlinear distortion. 

 

Fig. 5.24 Rectangular 64-QAM and 64-APSK constellations with thermal noise. 

The radius of phase noise contribution and nonlinear distortion effects are proportional to the 

signal’s amplitude. Correspondingly, the size of APSK quantum also increases along with the 

signal’s amplitude, which partially compensates the non-ideal effects. Fig. 5.22 and Fig. 5.23 show 

the comparison between rectangular 64-QAM and the proposed 64-APSK with phase noise and 
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nonlinear distortion, indicating a robustness of APSK to the non-ideal effects. However, the 

absolute distance between each constellation points in lower amplitude circle of the APSK is 

narrower than rectangular QAM constellation. As a result, the APSK modulation is less robust in 

a thermal noise dominated system as shown in Fig. 5.24. 

5.3.3 Simulation Results of the Proposed Time-Based Polar Receiver 

The proposed polar receiver is able to demodulate both I/Q based QAM signals and polar 

based APSK signals. By adopting the TDC technologies introduced in previous chapters, the phase 

discrimination ability is greatly improved. The proposed polar receiver is supporting up to 1024-

ary APSK modulation at a baseband rate of 200Msps. System level and schematic level 

simulations indicate a promising future in low power, high throughput wireless applications. Fig. 

5.25 and Fig. 5.26 present the simulation results of 64-QAM and 64-APSK signals. 

Multiple simulations are carried out to compare the performance between rectangular QAM 

and APSK modulations with the proposed polar receiver in the presence of general non-ideal 

factors, such as phase noise, nonlinear distortion and thermal noise. Bit error rate (BER) is chosen 

as a criterion to judge the performance of the two modulation types. As expected, the 64-APSK 

outperforms the conventional 64-QAM modulation in the situations where phase noise and 

nonlinear distortion presence. The comparisons are given in Fig. 5.27 and Fig. 5.28. While the case 

when thermal noise appears is different. Theoretically, the rectangular QAM is more insensitive 

to thermal noise owing to its uniformed quantizer. However, a modulation built in Cartesian plane 

requires more number of bits to resolve in polar domain and results in a degraded performance in 

the practical world as shown in Fig. 5.29. The deviation between simulation and theoretical results 

mainly comes from finite TDC and ADC resolutions, namely quantization noise, and the limited 
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sub-sampling gain, which is the ratio of carrier frequency and the baseband frequency. Although 

an increased ratio is able to minimize the deviation, extra complexity is unavoidable during the 

implementation. 
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Fig. 5.25 Proposed polar receiver with 64-QAM signal: top, transmitter baseband I/Q signals; 
middle, transmitted RF signal; bottom, constellations of TX baseband, RF band, and RX received 
baseband. 
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Fig. 5.26 Proposed polar receiver with proposed 64-APSK signal: top, transmitter baseband I/Q 
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Fig. 5.27 Comparison of the BER vs. SNR performance of the rectangular 64-QAM signal and the 
proposed 64-APSK signal when only considering the effect of phase noise. 
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Fig. 5.28 Comparison of the BER vs. SNR performance of the rectangular 64-QAM signal and the 
proposed 64-APSK signal when only considering the effect of nonlinearity distortion. 
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Fig. 5.29 Comparison of the BER vs. SNR performance of the rectangular 64-QAM signal and the 
proposed 64-APSK signal when only considering the effect of thermal noise. 

5.4 Conclusion 

A CMOS THz pico-radio concept is proposed in this work that achieves extreme radio 

miniaturization to enable future “invisible” field-deployable sensor network and IoT applications. 

The bidirectional circuit sharing architecture configures the THz pico-radio as an OOK-modulated 

harmonic oscillator in the TX mode or as a super-harmonic SRR that offers high sensitivity at 

significantly reduced DC power than conventional coherent down-conversion RX. A TDC is 

integrated on-chip to directly achieve digitized RX outputs with only 0.75mW power, minimizing 

any post signal processing. Compared with the reported Si-based 300GHz TRXs, this bidirectional 

THz pico-radio achieves the lowest DC power (49.7mW) and the longest communication distance 

(50cm) without any Si lens. It also achieves the highest radio miniaturization (>7.8× radio size 

reduction), competitive data rate (maximum 4.4Mb/s with BER<10-7), and DC power compared 
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with existing low-power radios at MHz, GHz, and mm-wave frequencies. The reported TX/RX 

power consumption is the peak DC power during the radio operation. Heavily duty-cycled 

operations, typical for sensor nodes and IoT devices, will substantially reduce the THz pico-radio 

averaged DC power down to µW level. 

The other reported application is the time-to-digital converter (TDC) based hybrid polar data 

converter for receiver and time domain signal processing procedure corresponding to this data 

convertor. Polar conversion achieves better SNR tolerance owing to phase convergence when 

closing to the origin. The proposed architecture is formed with a TDC for phase detection and an 

ADC for amplitude capture. The ADC’s sampling position is guided by TDC’s output. With this 

mechanism, both ADC and TDC is able to reduce number of bits and convert data without doing 

oversample. By adding precisely controlled tunable delay cells and gain compensator, this hybrid 

data convertor is capable to demodulate base band signal directly without any digital CORDIC 

algorithm or other complicated digital signal processing. Thus, this proposed architecture achieves 

low power consumption and design complexity comparing with conventional I/Q receivers. 
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This work explores time to digital conversion techniques, designs and applications for time 

domain signal processing. Though the TDC devices and integrated circuits have been invented for 

decades, recent designs have been revolutionized with the advancements in deep sub-micron 

CMOS processes. Many of the performance limitations highlighted in early literature, such as the 

transition speed and power consumption of the transistors, no longer apply to designs in modern 

integrated circuit processes. The TDC evolving history is introduced at beginning of the chapter. 

Basic knowledge and design specifications, such as resolution, detectable rang, INL, and DNL, 

are clarified and listed for reference. The relationship between TDC transfer function linearity and 

dynamic performance is explained. Several commonly used TDC architectures are explained in 

detail and analyzed with respect to resolution, detectable range, linearity performance, and power 

consumption. 

Two different high performance TDC designs are presented. The first one achieving 1.25 ps 

temporal resolution with 8-bit range is implemented for high linearity applications. A spiral 

comparator array is proposed to enlarge the TDC detection range and improve the linearity. Two 

2nd order ΔΣ modulators are utilized to lower the quantization errors of the DTC based unit delay 

cells and to randomize the periodic folding errors of the 2-D comparator array. With an 80 MHz 

reference clock, the measured maximum DNL and INL of the proposed TDC are 0.25 LSB and 

0.34 LSB, respectively. The TDC power consumption is greatly reduced with the adaptive power 

Chapter 6  Summary of the Works 
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control switches. Fabricated in 45 nm CMOS technology, the TDC prototype consumes 70-690 

μW under a 1 V power supply at a conversion rate of 80 MHz. It achieves 1.67 ps effective 

resolution and a FoM ADC of 0.016 pJ / conv-step, advancing the state-of-the-art high-

performance TDC designs. The goal of the second TDC design is to accomplish a large detectable 

range. A total 14 bits (1.6ns) is reached with fine resolution of 1ps and excellent differential 

linearity (DNL)/integral linearity (INL) of 0.41ps/0.79ps owing to the novel techniques. In this 

work, by using a large feature size technology (130nm CMOS) we presented a TDC achieving 

improved performance comparing to state-of-art TDC designs using small feature size processes. 

With the aid of high performance TDCs, a fractional-N ADPLL with automatic TDC 

linearization is presented to prove the fading gap between digital PLL and analog PLL. The 

proposed ADPLL achieves an in-band phase noise of -107 dBc/Hz and a highest close in fractional 

spur level of -55 dBc. By using a ramp signal generated from the existing fractional frequency 

synthesis blocks, the loop can automatically adjust TDC’s fast and slow delays to achieve the best 

linearity for fractional spur reduction. A digi-phase canceller with automatic TDC gain tracking 

loop is implemented to further suppress the fractional spurs. The proposed 3-step TDC is able to 

provide fine resolution and wide detectable range with minimal hardware. 

Owing to pico-second and even sub-pico-second time interval detectability, TDCs pave the 

ways for the time domain signal processing towards many different potential research directions. 

Two communication system related time domain signal processing applications: TDC based digital 

super-regenerative bidirectional IoT node and hybrid time assist data convertor for polar receiver 

system, are included in this work. The THz pico-radio node achieves extreme radio miniaturization 

to enable future “invisible” field-deployable sensor network and IoT applications. The 
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bidirectional circuit sharing architecture configures the THz pico-radio as an OOK-modulated 

harmonic oscillator in the TX mode or as a super-harmonic SRR that offers high sensitivity at 

significantly reduced DC power than conventional coherent down-conversion RX. A TDC is 

integrated on-chip to directly achieve digitized RX outputs with only 0.75mW power, minimizing 

any post signal processing. It achieves high radio miniaturization, competitive data rate, and DC 

power. The reported TX/RX power consumption is the peak DC power during the radio operation. 

Secondly, the time-to-digital converter (TDC) based hybrid polar data converter for receiver and 

time domain signal processing procedure corresponding to this data convertor are presented. Polar 

conversion achieves better SNR tolerance owing to phase convergence when closing to the origin. 

The proposed architecture is formed with a TDC for phase detection and an ADC for amplitude 

capture. The ADC’s sampling position is guided by TDC’s output. With this mechanism, both 

ADC and TDC is able to reduce number of bits and convert data without doing oversample. By 

adding precisely controlled tunable delay cells and gain compensator, this hybrid data convertor is 

capable to demodulate base band signal directly without any complicated signal processing digital 

algorithm. Thus, this proposed architecture achieves low power consumption and design 

complexity comparing with conventional I/Q receivers.  
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